Planar Microwave Filters with Electronically Tunability and Other
Novel Configurations

Wenxing Tang
A dissertation submitted for the degree of Doctor of Philosophy

Heriot-Watt University
School of Engineering and Physical Sciences
<May> <2011>

The copyright in this thesis is owned by the author. Any quotation from the thesis or use
of any of the information contained in it must acknowledge this thesis as the source of
the quotation or information.

i

Abstract

In order to meet the increasing demands of advance wireless communications and
radar systems, several novel types of bandpass filters and bandstop filters have been
developed in this thesis.

A new type of varactor-tuned dual-mode bandpass filters have been presented to
achieve a nearly constant absolute bandwidth over a wide tuning range by using a single
DC bias circuit. Since the two operating modes (i.e., the odd and even modes) in a dualmode microstrip open-loop resonator do not couple to each other, tuning the passband
frequency is accomplished by merely changing the two modal frequencies
proportionally. Design equations and procedures are derived, and two two-pole tunable
bandpass filters and a four-pole tunable bandpass filter of this type are demonstrated
experimentally.

Miniature microstrip doublet dual-mode filters that exhibit quasi-elliptic function
response without using any cross coupling have been developed. It shows that a single
two-pole filter or the doublet can produce two transmission zeros resulting from a
double behaviour of the dual-mode resonator of this type. Electromagnetic (EM)
simulation and experiment results of the proposed filters are described.

Parallel feed configuration of a microstrip quasi-elliptic function bandpass filter
has been built with a pair of open-loop dual-mode resonators. By employing this new
coupling scheme, a novel filter topology with three-pole quasi-elliptic function
frequency response can be obtained, leading to good passband performance, such as low
insertion loss and good matching at the mid-band of passband. A designed three-pole
bandpass filter of this type is demonstrated experimentally.

A new class of dual-band filters based on non-degenerate dual-mode microstrip
slow-wave open-loop resonators, which support two non-degenerate modes that do not
couple, have been introduced. Different feed schemes that affect the filtering
characteristics are investigated. Examples of dual-band filters of this type are described
with simulation and experiment results.
ii

In order to achieve a wide spurious-free upper passband, a novel design of
bandstop filter with cancellation of first spurious mode by using coupled three-section
step impedance resonators (SIRs) has been developed. This cancellation occurs when
two transmission poles coincide with the first spurious mode (transmission zero) by
properly choosing the step impedance ratio and the gap between the SIR and the main
transmission line. A stripline bandstop filter and a microstrip bandstop filter of this type
are designed, fabricated and tested. As a preliminary investigation, the microstrip filter
is tuned electronically using ferroelectric thin film varactors.
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Chapter 1

INTRODUCTION

1.1

Motivation

Filters play important roles in many RF/microwave modern wireless systems such
as radar, wireless communications, radio astronomy, navigation, sensing and medical
instrumentation [1]. They are employed to separate and combine or select and reject
signals at various frequencies. With the emerging novel wireless communications, more
frequency spectrum is in great demanded. However, the frequency spectrum as a
resource is valuable and limited. This continue to challenge RF/microwave filters with
ever more stringent requirements such as low insertion loss, high selectivity, linear
phase, small size, light weight and lower cost [1]-[3].

Dual-mode resonators have been widely employed to realize many RF/microwave
filters because each of dual-mode resonators can be used as a doubly tuned resonant
circuit, and therefore the number of resonators required for a given degree of filter is
reduced by half, resulting in a compact filter configuration [4]-[8]. In addition, the two
modes can be built in such way that they do not couple to each other [9]-[10]. For these
reasons, novel dual-mode filter designs have been investigated intensively in recent
years.

Dual-mode tunable or reconfigurable filters are attractive because it is compact in
size and high selectivity due to a finite-frequency transmission zero associated with the
even mode of the dual-mode resonator. This type of filter can be tuned in a simple way
that is controlling its odd and even-mode resonant frequencies by loading different
capacitance for each mode since the two modes do not couple [11]-[12]. However, two
DC bias circuits are required for this type of tunable filter, moreover, the tuning range is
quite limited (only about 10%) for a constant absolute bandwidth tuning. This brings
some challenges for commercial wireless systems, where single DC bias scheme and
wider tuning range are preferred. In this thesis, a possible solution is addressed, in
which, a wideband transformer and odd/even-mode tuning rate method are employed,
leading to a wider tuning range of 41% by using a single DC bias circuit to control.
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High selectivity on both sides of passband is usually demanded for a transmitter
bandpass filter, to reduce the interference in adjacent channels and other frequency
bands. In convention, high selectivity can be achieved by introducing cross coupling
between non-adjacent resonators or input/output of the filter [1]. By using this technique,
a pair of finite-frequency transmission zeros can be produced at each side of passband,
resulting in a quasi-elliptic function response, hence, high selectivity can be obtained. In
difference with this, quasi-elliptic function doublet filters (high selectivity filters) can be
built without cross coupling, leading to a compact size with high selectivity
performance, which will be discussed in more detail in the thesis.

Low insertion loss is critical requirement in transmitter and receiver filters, which
improves the transmitter’s efficiency, reduces the thermal load, and improves the
receiver’s noise figure. Dual-mode resonators are cascaded to form a higher order filter
in [10], resulting high selectivity on each side of passband. The higher order filter
suffers from higher insertion loss due to the cascading. This is a common problem in
conventional filter design. In order to reduce the insertion loss for higher order dual –
mode filters, a parallel feed configuration of dual-mode resonators is introduced in this
thesis. The proposed parallel feed filter obtains nearly half insertion loss less than the
one in [10]. However, its out of band rejection level becomes poorer.

Dual-band filters have gained more attention due to the recent development in
wireless communication and radar systems where a dual-band operation is required.
Many dual-band filters have been developed to meet the high-quality miniature
requirements of the dual-band operation systems. Stepped impedance resonator (SIR)
dual-band filters have been demonstrated [13]-[14], stub-line dual-band filters are
realized in [15] and a dual-mode waveguide structure has been used in dual-band filter
design [16]. In order to minimize the filter size, a novel class of dual-band filters based
on the dual-mode microstrip slow-wave open-loop resonator have been investigated in
this thesis.

Bandstop filters (or notch filters) have become more and more important in
modern wireless systems, which are frequently employed to reject unwanted signals or
interference at air interfaces between different systems. Usually, transmission line
bandstop filters comprised of distributed resonators would have encountered a
restriction on the extent of the upper passband. This type of bandstop filters have had
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their second harmonic response centered at no more than three times the fundamental
resonant frequency, which fail to meet the requirement of wideband systems. Recent
efforts have been made to overcome this restriction by capacitance-load technique [17]
or by using compound resonator technique [18] to push the first spurious mode away. In
this thesis, an alternative new technique is proposed to cancel or suppress the first
spurious mode, leading to a wide upper passband. How to tune the center frequency of
this type of bandstop filter is also discussed.

1.2

Objectives

The thesis is constructed around the following objectives:

 To develop dual-mode tunable filters with (a) wider tuning range for a constant
absolute bandwidth, (b) using single DC bias scheme, (c) achieving high
selectivity on each side of passband by using higher order configuration.

 To develop compact quasi-elliptic function doublet filters without cross coupling.
 To develop higher order dual-mode resonator filter with low insertion loss and
good mid-band performance.

 To develop a novel class miniature of dual-band filters using capacitively loaded
slow-wave resonators.

 To develop a novel type of bandstop filter with harmonic suppression, this is
required for wideband systems. The tunable bandstop of this type is also to be
developed.
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1.3

Organization of the thesis

Following the introduction, Chapter 2 provides a review of novel tunable or
reconfigurable filters and novel dual-mode resonator filters. Band stop filters with
various techniques for harmonic suppression are also discussed.

In Chapter 3, some basic theories of filters related to the thesis are addressed.

Chapter 4 describes a novel class of varactor-tuned dual-mode bandpass filters.
Design equations and procedures of the proposed filters are derived in a systematical
way. The theoretical, full-wave electromagnetic (EM) simulated and measured
performances are present. Good agreement between these results is obtained.

In Chapter 5, dual-mode resonator filters with novel configurations are
investigated, such as compact quasi-elliptic function doublet filters without cross
coupling, higher order dual-mode resonator filter using parallel feed configuration, and
miniature dual-band dual-mode filters. The experimental results of these filters are
presented.

Chapter 6 introduces a novel type of bandstop filter with harmonic suppression.
The cancellation (or suppression) of the first spurious mode (transmission zero) is
explained theoretically and validated experimentally. In addition, the tunability of the
bandstop filter of this type is also discussed.

Finally, a brief summary of the contributions of the presented works and
suggestions for future research work are concluded in Chapter 7.
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Chapter 2

LITERATURE REVIEWS

2.1

Novel Electrically Tunable Filters

Electronically tunable (or reconfigurable) filters are attracting more attention for
research and development due to their increasing importance in multiband systems,
wideband radar and electronic warfare systems [19]. In general, based on various tuning
elements used, tunable filters may be classified as semiconductor (varactor and p-i-n
diodes) tunable filters [20]-[29], RF microelectromechanical systems (MEMS) tunable
filters [30]-[37], piezoelectric transducer (PET) tunable filters [38]-[41], and
ferroelectric materials tunable filters [42]-[46]. A well-known problem for tunable
filters is the variation of the bandwidth as the center frequency is tuned. This is mainly
due to the frequency dependence of the coupling networks. Various techniques have
been addressed to overcome this problem, to achieve constant absolute bandwidth over
a broad tuning range using different tuning elements. They are described in the
following.

2.1.1

Semiconductor (varactor and p-i-n diodes) tunable filters

Semiconductor technologies are a very popular choice for making tunable filters
because of their reliability, compact in size, fast tuning speed and low cost. Many
tunable filters have be demonstrated based on varactor or p-i-n diodes and discussed
below.

2.1.1.1

Combline tunable filter using input and output compensation method

A microstrip combline filter is a popular structure for developing tunable or
reconfigurable filters. Figure 2-1 illustrates a schematic view of a combline tunable
filter [20], where each microstrip line resonator, whose length is about a quarterwavelength at the operating frequency, is short-circuited at one end and loaded with a
5

varactor at the other end. In order to achieve a constant absolute bandwidth over a broad
tuning range, additional input and output coupling networks are employed to
compensate the internal coupling between resonators. The equivalent circuit of the
combline filter is depicted in Figure 2-2.

Figure 2-1. Schematic of tunable combline filter (lumped capacitor are replaced by
varactor) [20].

Figure 2-2. Equivalent circuit of combline filter between resonator nodes [20].

Notice that the couplings between transmission lines are constrained to adjacent lines. It
shows that the internal coupling between resonators can be considered as an inverter
formed from a pi section of the short-circuited stubs given in (2.1)
K r ,r +1 = Yr ,r +1 / tan(aω )
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(2.1)

where a is a constant value of the design specification. It is clear that the inverter
response depends on the electrical length of the short-circuited stubs that are dependent
on frequency. To achieve a constant absolute bandwidth over a wide tuning range, the
frequency dependence must be removed. For this reason, the admittance of the entire
network is scaled by a factor tan(θ ) / tan(θ 0 ) , where θ 0 is the electrical length of the
resonator at resonant frequency ω0 . Thus, the admittance of the r th resonator is given
as

Yr' =

j[ωCr tan(θ ) − (Yr + Yr −1,r + Yr ,r +1 )]

(2.2)

tan(θ 0 )

The bandwidth of the filter was obtained by applying the frequency transformation from
lowpass prototype to bandpass response, which is given by

ω=

2ω0
α {tan(θ 0 ) + θ 0 [1 + (tan(θ 0 ) 2 )]}

(2.3)

with

α=

Yr + Yr −1,r + Yr , r +1

(2.4)

C Lr tan(θ 0 )

where C Lr denotes the shunt capacitor of the lowpass prototype. From (2.3), it can be
seen that the bandwidth of the filter keeps nearly constant over a broad tuning range
when θ 0 = 53 (degree). In addition, to remove the frequency variation of the source GS
and the load GL due to the scaling factor, a redundant impedance transform network has
to be introduced at the input and output of the filter shown in Figure 2-3.

Figure 2-3. Impedance transforming network at input and output of the filter [20].
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The input admittance including the impedance transforming network may be derived as

Yin ( jω ) =

sin(2θ )
cos(2θ ) − cos(2θ 0 )
+ j[
]
sin(2θ 0 )
sin(2θ 0 )

(2.5)

The real part of the input admittance varies slowly with frequency while the imaginary
part is resonant at θ 0 . The optimum return loss performance may be achieved by
choosing θ 0 =45˚.

2.1.1.2

Tunable combline bandpass filter employing step-impedance microstrip
lines

It is well-known that to maintain constant filter response shape and bandwidth,
coupling coefficient k between resonators must vary inversely with the tuning
frequency and external Qe must also vary directly with the tuning frequency as
expressed in the following equations [47]

k j , j +1

Qe =

j =1ton −1

=

J j , j +1
b j b j +1

=

FBW
g j g j +1

b1
g g
= 0 1 ∝ f0
2
( J 01 ) / G A FBW

∝

1
f0

(2.6)

(2.7)

In order to control the coupling coefficient between resonators of a combline filter, a
step-impedance microstrip line method was introduced by Kim et al. [21] as depicted in
Figure 2-4. The magnetic coupling is maximum closing to the short-circuited end where
the current has highest density while electric coupling is maximum at the opposite ends.
By allowing larger gaps near short-circuited ends, the magnetic coupling between
microstrip lines will be reduced while the electric coupling remains nearly the same. In
this way, the portion of magnetic coupling to electric coupling is changed, which can be
utilized to satisfy the coupling coefficient required for the constant absolute bandwidth
tuning. Notice that a pairs of lumped inductors are employed for the input and output
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coupling. To meet the requirement of the external Qe , the values of the inductor and the
position connecting to the first and last resonators are adjusted.

Figure 2-4. Varactor-tuned combline bandpass filter using step-impedance microstrip
lines [21].

The experimental performance is displayed in Figure 2-5. it can be seen that the 3-dB
passband bandwidth varies less than 3.2% within the 250MHz tuning range at 2GHz.

Figure 2-5. Simulated and experimental results of the combline filter using stepimpedance microstrip lines [21].

2.1.1.3

Tunable combline filter using variable coupling reducer

The coupling between resonators of a combline filter can also be controlled by
placing variable coupling reducer between the resonators depicted in Figure 2-6 [22]. It
can be seen that the coupling reducer is designed as detuned resonator made up of a line
9

segment ending in a variable capacitor. When the varactor loaded at the end of coupling
reducer varies, the admittance Ybw (see Figure 2-6(c)) is changed, hence, the coupling
between the resonators in adjusted. In this way, the bandwidth of the filter response can
be controlled, leading to a constant bandwidth over a wide tuning range.

(a)

(b)

(c)

Figure 2-6. Second-order combline filter with variable coupling reducer (a) Circuit
diagram. (b) Coupling scheme and (c) Equivalent circuit [22].

The short-circuited end lines are employed for the input and output coupling. This type
of structure is usually used in tunable filter designs, which exhibits a dominant
inductive coupling with wideband behaviour. A fabricated three-pole filter of this type
and its measured performance are shown in Figure 2-7.
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(b)
(a)
Figure 2-7. (a) Fabricated combline filter with variable coupling reducer and (b)
Measured results [22].

2.1.1.4

Tunable filters with corrugated microstrip lines coupled

Corrugated microstrip coupled lines can be utilized to achieve constant absolute
bandwidth over a board tuning range [23]. By using the corrugated coupled-line, a
mixed coupling scheme can be obtained. The diagram of the corrugated coupled-line is
given in Figure 2-8.

(a)

(c)

(b)

Figure 2-8. (a) Corrugated coupled line and (b) Electrical modal (c) Corrugated
coupled-lines with a loading capacitor C L [23].
11

The Y matrix of the coupled resonators with a tuning capacitor C L is derived as

 Yre + Yro
+ jω C L

2
Y =
Yre + Yro


2

Yre + Yro


2

Yre + Yro
+ jω C L 

2

(2.8)

where Yre and Yro denote the even and odd admittance of the two coupled resonators.
The coupling coefficient k 21 is given by

k 21 =

Im[Y12 (ω 0 )]
BW
=
b
f 0 g1 g 2

(2.9)

with

 ω ∂Y (ω ) Y (ω ) 
b = Im  0 r11 0 − r11 0  ,
∂ω
2
 2


Yr11 =

Yre + Yro
2

(2.10)

For a given electrical length, the coupling coefficient k 21 can be synthesized by
controlling the even and odd mode fringe capacitance and choosing the length, width
and gaps between the corrugations lines. The variation of k 21 versus center frequency
for various corrugation capacitance C fo is displayed in Figure 2-9(a). It is clear that by
choosing proper dimensions of the corrugation lines, the coupling coefficient can be
controlled to achieve constant absolute bandwidth tuning. The measured results are
displayed in Figure 2-9(b). The two finite transmission zeros are introduced by the two
additional input and output coupled lines.

(a)

(b)

Figure 2-9 (a) Corrugated coupled k 21 versus C fo . (b) Measured performance [23].
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2.1.1.5

Reconfigurable filter using a self-scalable combline structure

A self-scalable combline topology has been investigated in [24]. In difference
with conventional tunable filter, where varactor is usually employed to tune the center
frequency response, the self-scalable combline switchable filter changes both loading
capacitors and the electrical length of resonators to achieve electrically identical in all
modes of operation, which is illustrated in Figure 2-10. It can be seen that when the
electrical length of the resonators is switched to shorter, the loading capacitors are
changed to small value as well. In this way, the passband bandwidth can be maintained
nearly constant over a wide tuning range.

Figure 2-10. Schematic diagrams of different operational modes of the filter [24].

2.1.1.6

Reconfigurable filter using lumped-distributed coupled resonators

The coupling between resonators can be controlled by employing lumpeddistributed coupled transmission lines [25]. Figure 2-11 gives the structure of the
lumped-distributed coupled transmission lines.

Figure 2-11. Lumped-distributed quarter-wave coupled resonators [25].
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Both the capacitors and the electrical length of the resonator can be switched separately
as seen from Figure 2-11. Because the lumped capacitive coupling is antiphase to the
distributed electromagnet coupling, the total coupling between the resonators can be
controlled by changing the lumped capacitors or the gaps between the resonators. This
is illustrated in Figure 2-12. To this end, the constant absolute bandwidth can be
achieved by switching on proper lumped capacitors while the center frequency is tuned
by selecting different electrical length of the resonators. Note that the change in the
length of the coupled lines not only contributes to the tuning of the center frequency,
but also adjusts the mutual coupling between adjacent resonators.

Figure 2-12. Coupling coefficient of lumped-distributed coupled lines versus gap (s)
[25].

2.1.1.7

Tunable filter with independent electric and magnetic coupling

Park et al. [26] introduced a tunable filter with independent electric and magnetic
coupling shown in Figure 2-13.

Figure 2-13. Electrical circuit model of the filter [26].
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It can be seen that the electric coupling is dominant at the open end of the resonator
while magnetic coupling is dominant at the short-circuited ends of the resonators where
the current has maximum density. By changing the length of the coupling lines, the
portion of electric coupling to magnetic coupling can be adjusted. In other words, the
coupling coefficient between the resonators can be controlled against the operating
frequency, which is shown in Figure 2-14.

Figure 2-14. The coupling coefficient k12 varies with frequency [26].

A wideband transformer is employed as the input and output coupling network shown in
Figure 2-15. By properly choosing the transformer section parameters such as ls and
Cm , relatively small variation in external coupling Qe over the entire tuning range can
be achieved.

Figure 2-15. Electrical circuit model of the resonator with the external coupling circuit
[26].
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2.1.1.8

Tunable filters using a novel mixed electric and magnetic coupling scheme

A novel approach for designing tunable filters with constant absolute bandwidth
tuning has been introduced by Zhang et al. [27]. The coupling coefficient between
resonators is controlled by using a novel mixed electric and magnetic coupling scheme
illustrated in Figure 2-16.

Figure 2-16. Inter-stage coupling structure [27].

The two resonators are coupled to each other through a specified coupling region. To
understand how the coupling coefficient can be controlled, normalized voltage and
current distributions on the resonator at different resonant frequencies have been
investigated given in Figure 2-17. With the voltage and current distributions, the electric
and magnetic coupling coefficient ke and k m can be expressed as
d2

2

ke,i = p ∫ Vi ( x) dx

(2.11)

d1
d2

2

k m,i = p ∫ I i ( x) dx

(2.12)

d1

The overall coupling coefficient can be given by
ki = k m,i − ke,i

(2.13)

From Figure 2-17, it is clear that by properly choosing the coupling region, the overall
coupling coefficient can vary inversely with frequency, which can meet the requirement
of constant absolute bandwidth.
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(a)

(b)
Figure 2-17. Normalized voltage and current distributions on the resonator (a) at lower
frequency. (b) at upper frequency [27].

A L-shape capacitive network is employed for the input and output coupling network,
which not only can meet the requirement of the external Qe , but also can suppress the
second harmonic. The layout of the fabricated circuit and its measured performance are
present in Figure 2-18. The results show that the tuning range is from 650 to 960MHz
with 1-dB absolute bandwidth is 80 ± 3.5MHz.

(a)

(b)

Figure 2-18. (a) The fabricated filter using a novel mixed electric and magnetic coupling
scheme and (b) Measured performance [27].
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2.1.1.9

Tunable filters employing Π -and L-capacitive coupling scheme

Kapilevich et al. introduced Π - and L-capacitive coupling network to achieve
less variation of coupling between resonators [28]. In general, the simplest capacitive or
inductive coupling elements are frequency dependent ones and cannot satisfy the
coupling coefficient required for a constant absolute bandwidth over a wide tuning
range. Hence, more complicated coupling schemes such as Π - and L-capacitive
coupling networks are suggested. The tunable filter design is based on an optimization
method that finds out the desired values of capacitors and the electrical length. The
fabricated filter and measured results are given in Figure 2-19. It can be seen that a Π lumped capacitive network is employed for the input and output coupling network and
the small bandwidth variation has been achieved.

(a)

(b)

Figure 2-19. (a) The fabricated circuit and (b) Experimental performance [28].

2.1.1.10

Reconfigurable filter based on switched delay line

A completely new approach to realize tunable filter was introduced by Hunter
[29]. The filter can be tuned in such way that simply chooses different phases between
two parallel delay lines shown in Figure 2-20. The incident signal is split into two
parallel delay lines and combined by a multi-pole switch for the output. By toggling the
position of the output switches, the phase between the two parallel delay lines is
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changed, resulting in the tuning of the resonant frequency of the filter. The reason
behind this can be explained below.

Figure 2-20. Switch delay-line resonator [29].

The voltage at the output point P is given by

Vp =

V e − jθ1 + e − jθ 2
(
)
2
2

(2.14)

Therefore, V p is derived as

Vp =

V
θ
cos( ) ,
2
2

θ = θ 2 − θ1

(2.15)

The transfer function is given by (matching load assumed)

Vp
2

S 21 =

2

Z0 / 2
θ
= cos 2 ( )
2
2
V
Z0

(2.16)

The relative phase in the two paths can be expressed as

θ=

πω
ω0

(2.17)
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From (2.16)-(2.17), it is clear that the transmission response is entirely determined by
the phase relationship between the parallel delay lines, which is demonstrated in Figure
2-21 with two states.

Figure 2-21. Transmission responses of switched delay-line resonator with toggled
output switch at point P (solid line) or at position with 20 (degree) electrical length
away from point P (dotted line) [29].

2.1.2

RF MEMS tunable (or reconfigurable) filters

Radio frequency (RF) microelectromechanical systems (MEMS) switches and
varactors have attracted more attentions in recent years due to their very low loss and
high linearity over the varactors, especially for high frequency applications from 10GHz
up to more than 100GHz [37]. Some typical MEMS tunable or reconfigurable filters are
described as follows.

2.1.2.1

Tunable filters using MEMS bridge varactors

A MEMS bridge varactor has been introduced in tunable filter design [30] shown
in Figure 2-22. The MEMS bridge varactors are fabricated at the height of 1.2 µm above
the CPW center conductor on a glass substrate. The pull-down electrodes are fabricated
using a 1000-Å-thick SiCr layer with a resistivity of 1-2KΩ/square. The MEMS
varactors are loaded on half wave-length resonators to change the phase velocity of the
20

resonators, which is illustrated in Figure 2-23. By applying a pull-down bias voltage of
0-80V, the bridge height is adjusted so as to control the capacitance of the varactors. In
order to compensate the increasingly capacitive behaviour of the resonators when they
are tuned toward the lower frequencies, inductive inter-resonator coupling are utilized in
the tunable filter design (see in Figure 2-23). The measured results are given in Figure
2-24, which shows good performance regarding to insertion loss at about 20GHz.

(a)

(b)

Figure 2-22. MEMS varactor over a CPW line. (a) Photograph. (b) Circuit model [30].

Figure 2-23. Layout of MEMS bridge varactor tunable filter (fix MEMS capacitors are
replaced by MEMS varactors) [30].

Figure 2-24. Measured and simulated results of the MEMS bridge varactor tunable filter
[30].
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2.1.2.2

Reconfigurable filters based on MEMS DC contact switches

Pothier et al. introduced a reconfigurable filter topology employing MEMS
DC/ohmic contact switches [31], which is presented in Figure 2-25(a).

(a)

(b)

Figure 2-25. (a) Side view of the MEMS switch. (b) Electrical equivalent circuit of a
digital capacitive load to ground with its biasing network [31].

The switch is made of a 3.5-µm-think gold cantilever that is electrostatically actuated
using a 120-µm-long actuation electrode. The small dimple is added under the
cantilever just above the contact to reduce the contact resistance when it is in the onstate. By switching on or off the cantilever, the loading capacitance is changed, as can
be seen in Figure 2-25(b). Very low insertion loss can be achieved with this type of
MEMS DC contact switch as illustrated experimentally in Figure 2-26.

Figure 2-26. Measured isolation and insertion loss of the MEMS dc contact switch [31].
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It can be seen that the insertion loss can be reached to 0.3 dB at 20 GHz in the on-state
and a 38 dB of isolation at 2 GHz in the off-state. A two bit tunable filter has been
demonstrated using the MEMS DC contact switches, which is displayed in Figure 227(a). In order to control coupling variation when the frequency is shifted, the two
microstrip resonators are coupled by using their magnetic fields and the input-output
coupling are adjusted by allocating the capacitive loads. The measured performance of
the filter is given in Figure 2-27(b). The filter exhibits a low level of insertion loss (less
than 3.2 dB) over a tuning range from 9.55 to 14.95 GHz.

(a)

(b)

Figure 2-27. (a) SEM photograph of the tunable filter. (b) Measured performance [31].

2.1.3

BST varactor tunable filters

Thin-film ferroelectric materials, such as barium strontium titanate (BST) have
been investigated for frequency agile applications because of their faster tuning speed
than MEMS varactors and more linearity than semiconductor varactors. In the following,
two types of newly developed BST varactor tunable filters are described.

2.1.3.1

Tunable bandstop filter using BST varactors

A newly developed tunable bandstop filter employing BST varactors was
introduced by Chun et al. [42]. The BST varactor was constructed in an interdigital
capacitor (IDC) configuration shown in Figure 2-28.
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(a)

(b)

Figure 2-28. (a) Layout of interdigital BST varactor cell. (b) Profile of layers [42].

The BST varactor is fabricated based on Mgo substrates with a 0.5-µm thick
Ba0.5 Sr0.5Tio3 (BST) thin film deposited onto the surface by pulsed laser deposition,
using a laser fluence of 1.5 Jcm −2 at 5 Hz pulsed rate in the presence of an oxygen gas
background [46]. The fabricated BST varactor exhibits a capacitive tunability of about
28.6% from 0.4 pF to 0.56 pF by applying a DC bias voltage from 35 V to 0 V, where
the capacitive tunability is defined by

Capacitive _ Tunability =

C max − C min
× 100(%)
C max

(2.18)

where Cmax is the capacitance of BST varactor at 0 V bias, Cmin denotes the
capacitance obtained at a non-zero DC bias. Note that the capacitance Cmin decreases as
the DC bias voltage is increased. This is because the relative permittivity of BST
material is reduced against the applied DC voltage [46]. By employing the BST
varactors, a two-pole tunable bandstop filter with a slotted ground structure has been
demonstrated and depicted in Figure 2-29(a) and its measured results are given in
Figure 2-29(b).

(a)

(b)

Figure 2-29. (a) The fabricated BST varactor bandstop filter. (b) Measured performance
[42].
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It can be seen that the center frequency of the bandstop filter is shifted from 1.2 to 1.4
GHz by applying a DC bias voltage from 0 to 35 V.

2.1.3.2

Tunable combline filter employing BST varactors

Nath et al. introduced a room-temperature third-order combline bandpass filter
using thin-film BST interdigital capacitor (IDC) varactors as present in Figure 2-30 (a)
[48]. The loading capacitors of the conventional combline filter are replaced by BST
varactors. In order to achieve low insertion low, single-layer lithography on sapphire
and copper metallization techniques are used for the fabrication of the BST IDC
varactors shown in Figure 2-30(b). The length of the finger is 100 µm, the width is 5
µm and the spacing between the fingers was set to be 5 µm. By applying a DC bias
voltage of 35 V at 1 MHz, the varactor shows a 12 % tuning and the Q factor of the
varactor was found to be 100 at 0 V bias and increasing to 250 at 35 V bias, both
measured at 1MHz, which is demonstrated in Figure 2-31.

(a)

(b)

Figure 2-30. (a) Schematic of the tunable combline bandpass filter. (b) Schematic of
interdigital capacitor [48].
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Figure 2-31. Nominal tuning curve of the BST IDC varactor at 1 MHz [48].

By employing the BST IDC varactors, a third-order tunable combline bandpass filter
has been designed and fabricated, present in Figure 2-32(a). The measured performance
is given in Figure 2-32(b). It can be seen that the filter was tuned from 2.44 to 2.88 GHz
with the DC bias voltage varies from 0 to 200 V. The insertion loss is between 3 and 5
dB over the tuning range.

(a)

(b)

Figure 2-32. (a) Assembled combline tunable filter using BST varactors. (b) Measured
results [48].

2.1.4

Piezoelectric transducer tunable filters

Piezoelectric transducers (PETs) have also been utilized as tuning elements in
electronically tunable filter designs. As reported in [38], a PET and an attached
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dielectric perturber has been employed to tune a cascaded microstrip open-loop
resonator filter [49], which is illustrated in Figure 2-33.

(a)

(b)

Figure 2-33. Configuration of the piezoelectric transducer tunable bandpass filter. (a)
Top view. (b) Three-dimension view [38].

The PET consists of two piezoelectric layers and one shim layer. The piezoelectric layer
is a composition of lead, zirconate, and titanate. The center shim, laminated between the
two same polarization piezoelectric layers, adds mechanical strength and stiffness. The
shim is connected to one polarity of a DC voltage to deflect the PET and move it up or
down vertically. In the mean time, the perturber attached to the PET moves up or down,
the effective dielectric constant of the filter decreases or increases, respectively. In this
way, both center frequency and inter coupling between resonators can be varied,
resulting in a constant absolute bandwidth response as displayed in Figure 2-34.

Figure 2-34. Measured results of the tunable bandpass filter using piezoelectric
transducer [38].
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2.1.5

Novel electrically dual-mode tunable filters

Traditionally, controlling the inter-couplings between resonators is the key
condition for a tunable filter to maintain constant absolute bandwidth over a wide tuning
range. Many techniques have been addressed above to control the inter-couplings
between resonators. In difference, a new type of dual-mode resonator filters have been
developed [9]-[10], in which the dual modes do not couple to each other. This leads to a
simple tuning scheme because tuning the passband frequency is accomplished by
merely changing the two modal frequencies proportionally. Based on this unique
characteristic, some tunable filters have been developed and described as follows.

2.1.5.1

Electronically reconfigurable filter based on dual-mode open-loop
resonators

A new type of reconfigurable asymmetric frequency response bandpass filter
using dual-mode open-loop resonator was introduced by Chun et al. [11], which is
shown in Figure 2-35(a).

(a)

(b)

Figure 2-35. (a) Layout of a reconfigurable dual-mode microstrip open-loop resonator
bandpass filter. (b) The coupling scheme [11].

The coupling scheme of the dual-mode filter is given in Figure 2-35(b). It is clear that
there is no coupling between the two operating resonant modes. The center frequency of
the passband can be tuned if the resonant frequencies of the odd-mode and even-mode
are shifted proportionally. In addition, for a filter of this type, its selectivity can be
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electronically reconfigurated to exhibit a higher selectivity with a finite frequency
transmission zero on either side of the passband. Three varactors (Infineon BB857) are
implemented for electronic tuning. To reconfigurated the filter characteristic, two DC
biases are employed. The first DC bias V1 is used to change the odd-mode resonant
frequency while the second DC bias V2 is used to vary the even-mode resonant
frequency. The measured performance is given in Figure 2-36. It can be seen that,
depending on the combinations of the two DC biases, not only the passband frequency
can be tuned, but the filtering characteristic can be reconfigurated from the high
selectivity on the high side of the passband for Case 1 to the high selectivity on the low
side of the passband for Case 2.

(a)

(b)

Figure 2-36. Measured performance of the reconfigurable dual-mode filter using two
DC biases. (a) Case 1. (b) Case 2 [11].

2.1.5.2

Tunable filter based on doublet configuration

Liao et al. reported a tunable filter using an E-shaped dual-mode resonator [12].
The layout of the tunable dual-mode filter is presented in Figure 2-37(a). The coupling
scheme of the doublet configuration filter is shown in Figure 2-37(b). Varactor C1 is
used to vary even mode resonant frequency and varactor C2 is employed to change odd
mode resonant frequency. Since the odd mode and even mode are uncoupled degenerate
modes, this leads to an improved filter reconfigurability because the center frequency
and the bandwidth can be changed independently. Thus, it is possible to achieve a
constant absolute bandwidth over a relative wide tuning range by properly choosing the

29

values of C1 and C2. Varactor diodes of model SMV1233-011L manufactured by
Skywalks were used to electronically change C1 and C2. Two DC bias voltages are
deployed to tune the filter, one to control C1 and another to control C2.

(a)

(b)

Figure 2-37. (a) Tunable dual-mode filter using a single triangular patch resonator with
varactors across the slots. (b) Coupling scheme [12].

Measured filter responses are plotted in Figure 2-38, which shows that constant absolute
bandwidth can be achieved over a tuning range from 1.06 to 1.12 GHz with the finite
frequency transmission zero reconfigurated on either side of the passband.

(a)

(b)

Figure 2-38. Measured results. (a) One transmission zero on the upper side. (b) One
transmission zero on the lower side [12].
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2.1.6

Summary

In order to achieve a constant absolute bandwidth for a tunable filter over a broad
tuning range, many techniques have been investigated such as using step-impedance
combline structure, corrugated coupled lines, self-scalable combline structure,
independent electric and magnetic coupling scheme, mixed electric and magnetic
coupling scheme, π and L-capacitive coupling scheme. The main idea behind these
techniques is to control the portion of electric coupling to magnetic coupling over the
tuning range. Moreover, for a wider bandwidth variation control, variable coupling
reducer and lumped-distributed coupling lines are used to adjust the inter-coupling
between resonators effectively.

Tunable or reconfigurable filters using Semiconductors, MEMS switches,
piezoelectric transducers, and BST thin-film materials have also been demonstrated. In
which, novel topologies and manufacture techniques were employed. Table 2-1 gives
the comparison of these tuning device technologies [50].

TABLE 2-1

Comparison of tuning device technologies [50].

Tuning

Tuning

Q or Rs at

Technology

Speed

10GHz

ns

Rs ≈ 1-4 Ω

10-30 mA

High

High

ns

Q ≈ 30-40

< 30 V

Low

Low

µs

Q ≈ 50-400

30-90 V

negligible

High

ns

Q ≈ 30-150

< 30 V

negligible

Moderate

> 100 µs

Q > 500

> 100 V

negligible

High

Semiconductor
p-i-n diode
Semiconductor
varactor
MEMS
Ferroelectric
thin-film
Piezoelectric
transducer
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Bias

Power
Consumption

Linearity

2.2

Microstrip Dual-Mode Filters

Microstrip dual-mode filters are of interest for applications in RF/microwave
circuits and systems because each of dual-mode resonators can be used as a doubly
tuned resonant circuit, and therefore the number of resonators required for a given
degree of filter is reduced by half, resulting in a compact filter configuration [1]. Several
types of dual-mode microstrip resonators have been demonstrated including the circular
ring [4], the square loop [5], the circular dick and the square patch [51]-[52]. The dualmode microstrip triangular patch or loop resonators and filters have also been reported
[53]-[54]. In addition, a new type of dual-mode resonators and filters has been
introduced [9]-[10], which has a different coupling scheme comparing to the
conventional ones. Some typical dual-mode filters are described as follows.

2.2.1

Dual-mode filter using microstrip square patch

A microstrip square patch dual-mode resonator filter has been investigated in [1],
[51]. The microstrip square patch resonator can be represented by a wheeler’s cavity
model [55], as shown in Figure 2-39.

Figure 2-39. Cavity model of a dual-mode microstrip resonator [1].

where the top and bottom of the cavity are perfect electric walls and the remaining sides
are the perfect magnetic walls. The EM fields inside the cavity can be given in terms of
z
TM mn
0 modes:
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∞

∞

E z = ∑ ∑ Amn cos(
m=0 n=0

H x= (

jωε eff
kc2

kc2 = (

)(

mπ
nπ
x) cos(
y)
a
a

jωε eff ∂E
∂E z
) , H y = −( 2 )( z )
∂y
∂x
kc

(2.19)

mπ 2 n π 2
) +( )
a
a

where Amn denotes the mode amplitude, ω is the angular frequency, and a and ε eff are
the effective width and permittivity [55]. The resonant frequency of the cavity is given
by
f mn 0 =

1
2π µε eff

(

mπ 2 n π 2
) +( )
a
a

(2.20)

z
A pair of degenerate modes, which have the same resonant frequency, can be TM 100
z
and TM 010
modes. These two modes are orthogonal to each other and have the same

resonant frequency as indicated in Figure 2-40.

Figure 2-40. Dual-mode square patch resonator [51]. (The arrows represent the
orthogonal modes within the resonator).

In order to couple them, a small perturbation has been applied at a location that is
assumed at a 45˚ offset from its two orthogonal modes. The coupling coefficient of the
two orthogonal modes is depending of the size of perturbation. Thus, by properly
choosing the size of the perturbation and the input/output coupling, a dual-mode filter
can be realized. Figure 2-41(a) presents a fabricated two-pole dual-mode square patch
resonator microstrip filter, and the measured results are given in Figure 2-41(b).
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(a)

(b)

Figure 2-41. (a) Fabricated dual-mode square patch resonator microstrip filter. (b)
measured performance [51].

2.2.2

Dual-mode filter employing microstrip ring resonator

Degenerate modes of a microstrip ring resonator have been used in dual-mode
filter design as reported by Wolff [4]. The ring resonator is excited by symmetrical
coupling lines. Under this condition, only one of the degenerate modes will be excited.
Both modes are orthogonal to each other, hence, no coupling occurs between the two
modes. The two modes can be considered as two waves that travel clockwise and anticlockwise on the microstrip ring resonator. In order to split the two degenerate modes,
two methods can be employed. The first method is to couple the ring resonator
asymmetrically shown in Figure 2-42. By varying the asymmetrical angle, the mode
split can be obtained. The second way of exciting the two degenerate modes is to couple
the ring resonator symmetrically and to use a small perturbation located at 45˚ offset
from the axis of coupling lines, which is illustrated in Figure 2-43(a). The degree of
coupling modes depends on the size of the disturb as can be seen in Figure 2-43(b).

(a)

(b)

Figure 2-42. (a) Asymmetrically coupled microstrip ring resonator. (b) Measured
performance [4].
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(a)

(b)

Figure 2-43. (a) Microstrip ring resonator disturbed by a notch. (b) Measured results [4].

2.2.3

Dual-mode filter based on microstrip triangular patch resonator

Hong et al. introduced a new type of dual-mode filters by using triangular patch
resonators [9]. In distinct to conventional dual-mode resonators, e.g., the square patch
dual-mode resonators and dual-mode ring resonator, the dual modes do not couple to
each other. The dual modes can result from the rotation and superposition of a
fundamental mode. By employing a wheeler’s cavity mode, the electromagnetic (EM)
fields inside the triangular cavity can be expanded in terms of TM mz ,n,l modes [56] given
by

E z ( x, y ) = Am,n,l {cos[(

2πx 2π
2π (m − n) y
+
)l ] cos[
]
3
3a
3a

+ cos[(

2πx 2π
2π (n − l ) y
+
)m] cos[
]
3
3a
3a

+ cos[(

2πx 2π
2π (l − m) y
+
)n] cos[
]}
3
3a
3a

H x= (

j

ωµ 0

)(

∂E z
− j ∂E z
) , H y= (
)(
)
∂y
ωµ 0 ∂x

(2.20)

where Am,n,l is a constant and a is the length of the triangle side. A fundamental mode,
which can be found from (2.20) is the TM 1z,0, −1 mode given by
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E z ( x, y ) = A1,0, −1{2 cos(

2πx 2π
2πy
4πy
+
) cos(
) + cos(
)]}
3
3a
3a
3a

(2.21)

To rotate the fundamental mode, the coordinate system id rotated by α = 2π / 3 and

β = −2π / 3 as displayed in Figure 2-44.

(a)

(b)

Figure 2-44. (a) Equilateral triangular microstrip patch geometry. (b) Rotated coordinate
system [9].

By superposition the fundamental mode and the rotated fundamental mode, a pair of
fundamental degenerate modes can be found as illustrated in Figure 2-45.

(a)

(b)

Figure 2-45. Electric-field patterns of the degenerate modes. (a) Mode 1. (b) Mode 2[9].

As can be seen, with respect to the horizontal symmetric place, modes 1 and 2 behave as
an even and odd mode, respectively. The mode splitting can be achieved by introducing
a small cut or a narrow slit along its symmetric axis shown in Figure 2-47.
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(a)

(b)

Figure 2-46. Dual-mode microstrip triangular patch resonator with (a) a small cut and (b)
a narrow slit [9].

It is also found that the split-mode frequencies are equal to the two self-resonant
frequencies by using a magnetic or electric wall along the symmetrical axes,
respectively. The results performed by full-wave EM simulation are given in Figure 247. It is evident that the two modes are hardly coupled to each other for the mode
perturbations introduced.

(a)

(b)

Figure 2-47. Simulated split-mode frequencies (full-line) and self-resonant frequencies
(dotted line for mode 1 and dashed line for mode 2) for a perturbed (small cut) dualmode triangular microstrip resonator. (a) Layout. (b) Simulated results [9].

2.2.4

Dual-mode filters employing microstrip open-loop resonators

A miniature dual-mode microstrip open-loop resonator has been investigated [10],
which layout is displayed in Figure 2-48.
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Figure 2-48. Layout of a dual-mode microstrip open-loop resonator [10].

A loading element with a variable parameter W is tapped from inside onto the open
loop. The modal resonant characteristic is changed when W varies. Figure 2-49 gives
the frequency response of the dual-mode open-loop resonator.

Figure 2-49. Modal resonant characteristic of the dual-mode open-loop resonator [10].

It can be seen that one modal resonant frequency is varied against the parameter W,
while the other one is hardly changed. The charge distribution of the two modes is
depicted in Figure 2-50 by using full-wave EM simulation.
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(a)

(b)

Figure 2-50. Charge distribution. (a) Odd mode. (b) Even mode [10].

It is evident that the tapping point of the loading element is actually a virtual ground for
the odd mode, hence, the loading element does not affect the odd-mode resonant
frequency. It is also found that the two operating modes do not couple as the two splitmode frequencies are equal to the two self-resonant frequencies, respectively. Based on
the dual-mode open-loop resonator, a two-pole dual-mode filter has been developed as
given in Figure 2-51 with the measured performance. Notice that the finite-frequency
transmission zero is closely associated with the even mode, which means the location of
the finite-frequency transmission zero can be controlled by varying the even modal
resonant frequency, resulting in a reconfigurable characteristic of the dual-mode filter.

Figure 2-51. Measured and simulated frequency response of dual-mode filter. (the inset
shows a photograph of the fabricated filter) [10].
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2.2.5

Summary

Several types of dual-mode resonators have been addressed. By introducing a
perturbation to a single mode resonator at 45˚ offset from the two orthogonal modes, the
coupling between two degenerate modes can be achieved, and the degree of the
coupling can be controlled by changing the perturbation parameters. Asymmetric
coupling method was also introduced to excite the two coupled degenerate modes for a
ring resonator. A new type of dual-mode resonators has been investigated, in which the
two degenerate modes do not couple due to an orthogonal nature of their fields or a
cancellation of their electric and magnetic couplings.

2.3

Dual-Band Filters

Recent development in wireless communication and radar systems has presented
new challenges to design and produce high-quality miniature components with a dualband operation. For example, RF integrated transceivers are required for both global
system for mobile communications (GSM) and wireless code-division multiple-access
(WCDMA) operations [57]-[58], and dual-band antennas are designed for receiving
signal at 0.9/1.8 GHz and at 2.4/5.2 GHz [59]-[60]. This has stimulated the
development of many different types of dual-band filters [13]-[16], [61]-[68]. When the
two operation bands are close to each other, transmission zero (s) can be introduced to
realize two separated sub-bands for dual-band operation [61]-[63]. Microstrip dual-band
filters operating at the two resonant modes of the stepped impedance resonators have
been demonstrated [65]. Dual-band filters can also be realized using the stub line [67],
folded waveguide [68], and dual-mode waveguide [16]. Two types of dual-band filters
are addressed below.

2.3.1

Dual-band filter using vertical-stacked stepped impedance resonator (SIR)

A vertical-stacked stepped impedance resonator has been employed to realize
dual-band filter as reported in [65]. By using a stepped impedance resonator (SIR), both
the fundamental and the second resonant frequencies can be easily adjusted over a broad
frequency range. Figure 2-52(a) gives a SIR structure with input/output tapping.
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(a)

(b)

Figure 2-52. (a) SIR with input/output tapping. (b) Normalized f 2 / f1 and f 3 / f1 for an
SIR with impedance ratios R=0.4, 0.67, 1.5 and 2.5, u = θ 2 /(θ1 + θ 2 ) [65].

The resonant frequencies can be derived by

tan θ1 = R cot θ 2

odd mode

(2.22)

cot θ1 = − R cot θ 2

even mode

(2.23)

where θ1 and θ 2 are electrical length of the microstrip sections with characteristic
impedance Z1 and Z 2 , respectively, and R = Z 2 / Z1 is the impedance ratio of the SIR.
The second ( f 2 ) and third ( f 3 ) resonant frequencies normalized with respect to the first
one ( f1 ) for different R are plotted in Figure 2-52(b), which shows that by varying the
ratio of the SIR, the resonant frequencies of different modes can be controlled to realize
dual bands operation. The coupling coefficients required for the two operating
passbands can be obtained by changing the length ( l ) and gap ( d ) between the SIRs,
shown in Figure 2-53. Which indicates there are two degrees of freedom in designing a
coupled stage, thus, it is possible to make a coupled stage match the two coefficients
required by specifications of the two passbands. The external Qe required for the two
passband can be obtained by adjusting the location of the tap position as indicated in
Figure 2-52(a). Fabricated circuit and measured results are given in Figure 2-54. It can
be seen that by using vertical-stacked stepped impedance resonators, a miniature dualband filter can be developed.
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(a)

(b)

Figure 2-53. (a) Coupling structure. (b) Fractional bandwidth design graph [65].

(a)

(b)

Figure 2-54. (a) Photograph of the vertical-stacked SIR dual-band filter. (b) Measured
performance [65].

2.3.2

Dual-band filter using stub-loaded open-loop resonators

Mondal et al. introduced a new type dual-band filter by employing stub-loaded
open-loop resonators [67], which is illustrated in Figure 2-55(a). As can be seen, a shunt
open stub is loaded onto a conventional open-loop resonator. The mode positions are
depended on the electrical length θ1 and θ s shown in Figure 2-55(b). Thus, dual-band
filters having passbands at two desired frequencies can be realized using this stub
loaded open-loop resonator.
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(a)

(b)

Figure 2-55. (a) Stub loaded open-loop resonator. (b) Higher order resonance f r with
respect to f1 for three different stub lengths [67].

The coupling coefficients at the dual band frequencies can be specified by choosing
different coupling schemes, i.e., electric, magnetic, and mixed coupling, because these
coupling schemes can result in different ratios of coupling coefficients at the dual band
frequencies., which is shown in Figure 2-56.

Figure 2-56. Variation of coupling coefficient with separation between the resonators.

f1 = 2.8 and f 2 = 4.4 GHz [67].
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The external Qe required for the dual bands can be obtained by tuning the tapping
position and the characteristic impedances of the stub, as depicted in Figure 2-57.

Figure 2-57. Stub-loaded open-loop resonator with tapped-line feeding [67].

2.3.3

Summary

Two types of dual-band filters have been addressed. By properly choosing the
parameters of coupling sections or using different coupling scheme, the coupling
coefficients required for the two desired pass bands can be derived. In addition, the
external Qe for the dual-band specifications can also be determined by adjusting the
position of the tapped line of the input/output coupling. Miniature of the dual-band
filters can be achieved by using vertical-stacked configuration or square open-loop
resonators.

2.4

Bandstop or Notch Filters with Wide Spurious Free Passbands

Planar bandstop or notch filters are useful for RF/microwave applications [1]. In
particular, narrow-band band-reject or notch filters have become more and more
important in most microwave communications and radar systems as there exist more
unwanted signals or interference at air interfaces. This has stimulated new developments
of microstrip band reject filters [70]-[73]. Usually, transmission line bandstop filters
comprised of distributed resonators would have encountered a restriction on the extent
of the upper passband because of spurious response [47]. Recent efforts have been made
to overcome this restriction using new design techniques [17]-[18], in which a
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capacitive-loading technique and compound resonators technique are employed. These
techniques will be addressed below.

2.4.1

Bandstop filter based on capacitive-loading technique

A parallel-coupled line bandstop filter was introduced displaying a spurious-free
passband region up to more than four times the stopband center frequency by loading
capacitive elements to the coupled line [17], which is shown in Figure 2-58(a). In order
to move the first spurious mode to higher frequency, approximately 45˚ long coupled
lines instead of 90˚ long coupled lines in conventional design [47] are employed. The
capacitive elements then are loaded to compensate the short coupled lines to provide the
bandstop response. The simulated performance of the bandstop filter is displayed in
Figure 2-58(b), which shows that a wide spurious-free passband was achieved.

(a)

(b)

Figure 2-58. (a) Layout of the bandstop filter using capacitive loading elements (yellow
colour ones). (b) Simulated performance [17].

2.4.2

Bandstop filter using compound resonators

Levy et al. introduced a new type of bandstop filters with the use of compound
resonators having shorter electrical length to obtain extended upper passbands [18]. The
new bandstop filter prototype circuit is depicted in Figure 2-59.
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Figure 2-59. New commensurate bandstop filter [18].

The “compound” stub is consisting of a unit element having a relatively high impedance

Z r1 and a lower impedance open-circuited stub of impedance Z r 2 . The ratio of the
center frequency of the first spurious to the fundamental resonant frequency
is (180 − θ r ) / θ r . Thus, when θ r is 45˚, this ratio is 3, but when θ r is less, the ratio
increases, i.e., if θ r is 25.7˚, the ratio increases to 6. Therefore, the upper passbands can
be extended. Notice that the impedance matching can be done by varying the
impedances of the main lines, i.e., the Z mri and the impedance of the stubs, i.e., the Z r1
of the compound stubs shown in Figure 2-59.

(a)

(b)
Figure 2-60. (a) Optimized chebyshev filter. ( θ r =25.7 degree) (b) Performance of the
filter [18].
46

The layout of the optimized chebyshev filter is displayed in Figure 2-60(a), and the
frequency response is depicted in Figure 2-60(b). It can be seen that the upper passband
width were extended up to six times the fundamental bandstop center frequency with
good impedance matching obtained.

2.4.3

Summary

In order to extend the upper passband bandwidth of a bandstop filter, capacitiveloading technique and compound resonators technique have been investigated. By
allowing capacitive elements loaded to parallel coupled lines, the electrical length of the
parallel coupled lines becomes shorter, resulting in a higher first spurious response.
Compound resonators are also employed to extend the upper passband bandwidth. The
ratio of the first spurious mode to the fundamental one can be controlled by choosing
electrical length of the compound resonators.
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Chapter 3

BASIC THEORIES OF FILTERS

3.1

Introduction

Microwave filter theory has be introduced since 1930’s, and is still developing
due to the integration of active devices in filter circuits and ongoing development in
network synthesis with distributed elements [47], [74]. Early microwave filter design
was conducted by using the image parameter method, but for a more accurate design,
insertion loss method and coupling matrix method were introduced based on prescribed
frequency response such as Butterworth response, Chebeshe response and Elliptic
function response [75]-[78].

In order to help to develop and understand the proposed works in this thesis, some
basic theories and concepts such as the ideal requirement for a constant absolute
bandwidth tuning of a conventional tunable bandpass filter (single-mode filter), the
concept of tuning rate of a resoantor, external quality factor ( Qe ) extract methods, and
capacitively loaded slow-wave transmission line resonator are addressed below.

3.2

Conventional Tunable Bandpass Filter Design Method

Generally, tunable bandpass filters are of narrow bandwidth, hence, it is
convenient to employ the external quality factor ( Qe ) of the end resoantors and coupling
coefficients ( k ) between adjacent resonators as the design parameters [47]. These
parameters may be derived from a lowpass prototype shown in Figure 3-1(a). By
employing lowpass to bandpass transformation and impedance inverter ( K ), a
corresponding bandpass filter prototype with only one type of resoantors (series-type
resoantors) can be achieved as depicted in Figure 3-1(b). From Figure 3-1(b), a
generalized bandpass filter prototype using impedance inverters can be derived as
illustrated in Figure 3-1(c). where g j denote the prototype filter element values ( j =1 to
n-1, n is the order of the filter), Lrj and Crj denote the series resonators derived from
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the lowpass to bandpass frequency transformation of the lowpass prototype filter. K j , j +1
presents the impedance inverter. X j (ω ) denotes the generalized resonator, ω1' denotes
the cutoff angular frequency of the lowpass prototype filter, ω0 , ω1 , ω2 , and FBW are
the center frequency, the two edge frequencies of the passband, and the fractional
bandwidth of the corresponding bandpass filter, respectively, and R A , RB denote the
impedance of the source and load.

L'2 = g 2

R0' = g 0

C1'

= g1

C3'

Cn'

= g3

Rn' +1 = g n +1

= gn

(a)
Lr1

RA

Lr 2

C r1

K 01

Cr 2

K12

Crn

Lrn

K 23

K n,n+1

RB

K n,n+1

RB

(b)
X 1 (ω )

RA

K 01

K 01 =

FBW =

K12

R A x1FBW
g 0 g1ω1'

∆ω

ω0

=

X n (ω )

X 2 (ω )

ω2 − ω1
ω0

K 23

K j , j +1 =
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RB xn FBW
g n g n+1ω1'

0

(c)

Figure 3-1. (a) A lowpass prototype filter. (b) Its corresponding bandpass filter using
impedance inverter. (c) A generalized bandpass filter using impedance inverter [47].
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The quality factor Q of any resonator having a series-type resonance and series
resistance R can be defined by [47]

Q=

x
R

(3.1)

where x is the reactance slope parameter of the resonator, given by

x=

ω0 ∂X
2 ∂ω ω =ω

(3.2)
0

where X is the reactance of the resonator.

Likewise, the quality factor Q of any resonator having a shunt-type resonance and
shunt conductance G can be defined by

Q=

b
G

(3.3)

where b is the susceptance slope parameter of the resonator, given by

b=

ω 0 ∂B
2 ∂ω ω =ω

(3.4)
0

where B is the susceptance of the resonator.

By using (3.1), the quality factor Qe of the first and the last resonators in Figure 3-1(c)
can be determined as

Qe =

x1
x1
=
'
2
RA ( K 01 / R A )

with
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(3.5)

x1 = ω0 Lr1 =

1
ω 0 C r1

This is illustarted in Figure 3-2.

R A'

RA

Lr1

R A' =

K 01
C r1

2
K 01
RA

Figure 3-2. Calculation of the external quality factor Qe.

The generalized coupling coefficient ( k j , j +1 ) may be found from the usual definition of
coupling coefficient for a lumped element resoantors with inductive couplings as [1]

k j , j +1 =

L j , j +1

(3.6)

L j L j +1

where L j , j +1 denotes the mutual inductance, L j and L j +1 denote the self inductances.
From (3.6), the coupling coefficients k j , j +1 of the generalized bandpass filter in Fgiure
3-1(c) can be determined as

k j , j +1

j =1 _ to _ n −1

=

K j , j +1
x j x j +1

(3.7)

From the above analysis, the design paramenters for a generalized narrow-bandwidth
bandpass filter can be given by

x1
g 0 g1ω1' g 0 g1ω1'ω0
=
=
(Qe ) A =
2
∆ω
( K 01
/ RA ) FBW
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(3.8)

(Qe ) B =

k j , j +1

xn

( K n2,n+1 / RB )

j =1 _ to _ n −1

=

=

g n g n +1ω1' g n g n+1ω1'ω0
=
FBW
∆ω

K j , j +1
x j x j +1

=

ω1'

(3.9)

FBW
∆ω
=
'
g j g j +1 ω0ω1 g j g j +1

(3.10)

It is clear that to achieve a constant absolute bandwidth over a wide tuning range, which
means ∆ω is kept constant, thus, external quality factor Qe must vary directly with the
tuning frequency and coupling coefficient ( k ) must also vary inversely with the tuning
frequency.

3.3

Tuning rate of a resonator

In order to shift the odd-and even-mode resonant frequencies proportionally by
loading the same capacitance in the proposed tunable dual-mode filter design in Chapter
4, the concept of tuning rate of a resonator is introduced. The tuning rate of a resonator
indicates how much a resonant frequency is shifted by varying a loading capacitance,
which can be controlled by varying the characteristic admittance (or characteristic
impedance) of a resonator. A simple circuit model is used to demonstrate this as shown
in Figure 3-3(a).

1.1

Cv

Yin

Resonant frequency (GHz)

1.0

θ0
Y0

0.9

0.8

0.7

0.6

Y0=0.01
Y0=0.02
Y0=0.05

0.5

0.4
0

0.6 1

2

3

4

5

6

Loading capacitance Cv (pF)

(a)

(b)

Figure 3-3. (a) Circuit model of a resonator. (b) Calculated frequency response.
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As it can be seen, one end of the resonator is loaded with a variable capacitance C v
while the other end is short-circuited. Assume C v varies from C v1 to C v 2 , the
corresponding resonant frequency shifts from f 01 to f 02 , hence, the tuning rate can be
defined by

Tuning rate =

f 02 − f 01
C v 2 − C v1

(GHz/pF)

(3.11)

A reference port is added for deriving an input admittance Yin , which is given by

Yin = j (ωC v −

Y0
)
tan θ 0

(3.12)

where Y0 and θ 0 are the admittance and electrical length of the resonator.

The resonant frequency of the resonator can be found by
Im[Yin ] = 0

(3.13)

Assume the resonator is resonant at 1 GHz with a loading capacitance of 0.6 pF. For
different values of admittance, i.e., Y0 =0.01 (S), 0.02 (S), and 0.05 (S), the
corresponding electrical length θ 0 can be found from (3.12)-(3.13) as 68˚, 80˚, and 85˚,
respectively. By varying the loading capacitance C v from 0.6 to 5.0 pF, the shifts of the
resonant frequency for different values of admittance of the resonator are plotted in
Figure 3-3(b), and the tuning rates, calculated using (3.11), are listed in Table 3-1. It is
evident that the smaller the admittance of the resonator is, the faster the resonant
frequency is shifted (larger tuning rate). To this end, it can be concluded that by varying
the admittance of a resonator, the corresponding tuning rate can be controlled.
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TABLE 3-1

Comparison of the tuning rates for different admittance of the resonator shown in
Figure 3-3(a).

Admittance
Y0 (S)

3.4

Loading

Resonant frequency tuning

capacitance

Tuning rate

C v (pF)

Start (GHz)

End (GHz)

0.01

0.6 to 5.0

1.0

0.4851

11.7%

0.02

0.6 to 5.0

1.0

0.5931

9.2%

0.05

0.6 to 5.0

1.0

0.7595

5.5%

External quality factor ( Qe ) extract methods

External quality factor ( Qe ) is one of the important parameters in a narrow
bandpass filter design, which can mainly affect the shape of the passband response of a
filter. External quality factor ( Qe ) can be calculated from a circuit model by using
equations or can be extracted from a full-wave electromagnetic (EM) simulation. To
demonstrate these methods, an example for extracting Qe of a combline filter is given
below.

Figure 3-4(a) shows a combline bandpass filter feed using tapped lines. For
narrow band applications, the coupling effect between the first and the second
resonators may be neglected for deriving Qe of the filter. Thus, the first (or the last)
resonator loaded with the source (or the load) admittance G0 can be given as depicted
in Figure 3-4(b). The resonator is loaded with a capacitance C v at one end and shortedcircuited at the other end. The input admittance Yin can be derived by

 ωC + Y tan θ1

1

Yin = jY0  v 0
−
 Y0 − ωCv tan θ1 tan(θ 0 − θ1 ) 
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(3.14)

with

ω = 2πf
where Y0 and θ 0 are the admittance and the electrical length of the resonator, θ1 denotes
the location of the tapped line.

Cv

Cv

Cv

Cv

θ0

θ0

Y0

Y0

Port 1

θ1

θ0
Y0

Port 2

G0

Yin

(a)

(b)

Figure 3-4. (a) A combline filter using tapped-line-feed. (b) The first (or last) resonator
of the filter with port 1 excited.

The resonant frequency ( f 0 ) of the resonator can be found from (3.15)
Im[Yin ] = 0

(3.15)

As the resonator can be considered as a shunt-type resonator connected with a shunt
conductance (the source G0 ), the Qe may be determined by (3.16) as

Qe =

b
G0

(3.16)

with
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b=

f 0 ∂ Im[Yin ]
2
∂f

f = f0

where b is the susceptance slope parameter and f 0 is the resonant frequency of the
resonator.

External quality factor ( Qe ) can also be extracted in light of full-wave EM
simulation, which can be more accurate comparing to the circuit model extract method.
This is because parasitic effects, i.e., discontinuities of transmission line, open-end
fringing field effects, and unwanted cross coupling effects can be taken into account by
using full-wave EM simulation. External quality factor ( Qe ) of a resonator can be
related to its frequency response by [1]

Qe =

f0
∆f 3dB

(3.17)

with
f 0 = ( f1 + f 2 ) / 2 ,

∆f 3dB = f 2 − f1

where f 0 and ∆f 3dB are the resonant frequency and 3dB bandwidth of the frequency
response. These parameters are illustrated in Figure 3-5(b). Figure 3-5(b) is a typical
frequency response of a resonator excited by weak couplings and Figure 3-5(a) shows a
layout of extracting Qe of a resonator using full-wave EM simulation [79]. Port 2 is
weakly excited as the resonator is considered as single loaded resonator by port 1. A
reference place and a tip-feed line are used to minimize the discontinuity effects. To
compare the two extract methods, assume Y0 =0.014 S, θ 0 =53˚, θ1 =41˚, C v =1.6 pF and
G0 =0.02 S. The corresponding dimensions of the stripline resonator based on a

substrate with dielectric constant ε r =3.0 and a thickness of 2.0 mm can be found and
shown in Figure 3-5(a). The stripline structure (operating in TEM mode) is used so as to
have a close response to the ideal circuit model. Qe and f 0 of the resonator can then be
calculated using (3.14)-(3.16) and extracted using (3.17) by performing full-wave EM
simulation [79]. Both results are given in Table 3-2.
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3dB

f1

f2

(a)

(b)

Figure 3-5. (a) Layout of extracting Qe of a resonator. (b) Its frequency response.

TABLE 3-2

Comparison of Qe extract methods.

Extract methods

f 0 (GHz)

Qe

circuit model extract method

1.009

10.354

full-wave EM simulation extract method

0.98

10.17

The difference between the two results may due to parasitic effects such as discontinuity
effects and open-end fringing field effects. Notice that external quality factor Qe can
also be extracted from group delay of a resonator frequency response by performing
full-wave EM simulation, which will be addressed in Chapter 4.
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3.5

Slow-wave resonators

In order to minimize the size of a filter and to achieve a wider upper stopband,
slow-wave resonators are usually employed in filter designs [80]-[82]. Generally, planar
bandpass filters that are comprised of half-wavelength resonators inherently have a
spurious passband at 2 f 0 . The spurious passband can be suppressed by cascading a
lowpass filter or bandstop filter in the cost of larger circuit size and extra insertion loss.
Quarter-wavelength resonator filters have the first spurious passband at 3 f 0 , but they
require short-circuit connection to ground, which may be no desired in planar filter
fabrication techniques. Lumped-element filters ideally do not have any spurious
response. However, they suffer from poorer power handling and higher loss. To this end,
a new type of slow-wave resonator was introduced by Hong, et. al [82] as shown in
Figure 3-6.

Figure 3-6. Capacitively loaded transmission line resonator [1].
where C L is the loaded capacitance, Z a , β a , and d are the characteristic impedance,
the propagation constant and the length of the unloaded lossless transmission line
resonator. By employing the loading capacitance, electromagnetic (EM) wave energy
can be stored in the capacitors, resulting in a slow-wave effect. The detailed analysis of
this type of slow-wave resonator is given below [1].

The circuit response of the resonator shown in Figure 3-6 may be determined by

V1   A B   V2 
 I  = C D  ⋅ − I 
  2
 1 
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(3.18)

with

1
A = D = cos θ a − ωC L Z a sin θ a
2

(3.19)

B = jZ a sin θ a

(3.20)



1
1
C = j  ωC L cos θ a +
sin θ a − ω 2C L2 Z a sin θ a 
Za
4



(3.20)

where θ a = β a d is the electrical length of the resonator. ω = 2πf denotes the angular
frequency. A, B, C, and D are the network parameters of the transmission matrix. By
applying the boundary conditions I1 = I 2 = 0 , the resonant condition can be found as

1
cos θ a 0 − ω0C L Z a sin θ a 0 = −1
2

(3.21)

1
cos θ a1 − ω1C L Z a sin θ a1 = 1
2

(3.22)

Notice that

A=

V1
V2

C I1
=
A V1

I 2 =0

− 1 _(for the fundamental resonance)
=
 1 _(for the first spurious resonance)

=
I 2 =0

I2
V2

=0

(3.23)

(3.24)

I1 = 0

where the subscripts 0 and 1 denote the fundamental and the first spurious resonance,
respectively. The two eigenequations can be found from (3.18)-(3.22) as
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1

 πf 0C L Z a 

θ a 0 = 2 tan −1 

(3.25)

θ a1 = 2π − 2 tan −1 (πf1C L Z a )

(3.26)

From which the fundamental resonant frequency f 0 and the first spurious resonant
frequency f1 can be calculated and plotted in Figure 3-7, as well as their ratio for
different loading capacitance.

Figure 3-7. Fundamental and first spurious resonant frequencies of a capacitively loaded
transmission line resonator, as well as their ratio against loading capacitance [1].

It is clear that both resonant frequencies decrease as the loading capacitance is increased,
which indicates a slow-wave effect. However, the ratio of the first spurious resonant
frequency to the fundamental one is increased. The reason behind this phenomenon may
be explained by calculating the propagation constant (or phase velocity) of the
transmission line. To do this, Floquet’s theorem [83] may be applied, i.e.,
V2 = e − jβdV1

(3.27)
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− I 2 = e − jβd I1

(3.28)

Note that the circuit of Figure 3-6 may be considered as a unit cell of a periodically
loaded transmission line. By substituting (3.27) and (3.28) to (3.18)-(3.22), the
dispersion equation can be derived by

1
cos( β d ) = cos θ a − ωC L Z a sin θ a
2

(3.29)

Since the dispersion equation governs the wave propagation characteristics of the
loaded line, the phase velocities of the loaded line at the fundamental ( v p 0 ) and the first
spurious resonant frequency ( v p1 ) can be obtained by applying corresponding resonant
frequency ( f 0 and f1 ) into (3.29), which can be given as

v p1
f1
=2
f0
v p0

(3.30)

If there were no dispersion, the phase velocity would be a constant. However, for the
periodically loaded line, the phase velocity is frequency-dependent. As can be seen from
(3.30), the dispersion is increased when the ratio of the first spurious resonant frequency
to the fundamental one is increased by loading larger capacitance.

Based on this type of resonator, a new type of dual-mode slow-wave resonators can be
developed, which will be employed to build the proposed miniature dual-band filters in
Chapter 5.

3.6

Summary

Some basic theories of filters have been addressed in detail to help to develop the
proposed filters in this thesis.
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For a tunable filter design, in order to achieve a constant absolute bandwidth over
a wide tuning range, external quality factor Qe must vary directly with the tuning
frequency and coupling coefficient ( k ) must also vary inversely with the tuning
frequency. The ideal requirement of these parmeters can be derived from a lowpass
prototype.

The concept of tuning rate of a resoantor has been introduced in Section 3.3. It
shows that the tuning rate of a resonator may depend on the characteristic impedance of
the resonator.

To extract external quality factor Qe from a practical filter, both circuit model
extract method and full-wave EM simulation extract method can be applied. The results
of the example in Section 3.4 show a good agreement between the two methods.

Slow-wave resonators are usually employed to design a compact bandpass filter
with a wide upper stopband. Detailed analysis of a novel capacitively loaded
transmission line resonator has been given, which shows slow-wave effect can occur
when capacitance is loaded on a transmission line resonator, and dispersion
phenomenon on a periodically capacitive loaded transmission line has also been
discussed.
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Chapter 4

NOVEL DUAL-MODE TUNABLE FILTERS

4.1

Introduction

Dual-mode microstrip resonator tunable filters are attractive because each dualmode resonator can be used as a doubly tuned resonant circuit and, therefore, the
number of resonators required for a given degree of filter is reduced by half, resulting in
a compact filter configuration.

Chun et al. [11] and Liao et al. [12] introduced a new type of electronically
tunable

dual-mode microstrip resonator bandpass filter. In difference with the

conventional dual-mode filter, this new type of dual-mode resonator filter exhibits a
distinct characteristic, for which the dual modes do not couple. This leads to a simple
tuning scheme since tuning the passband frequency is accomplished by merely changing
the two modal frequencies proportionally. Moreover, high selectivity performance can
be achieved due to a finite transmission zero associated with the even mode of the dualmode resonator. However, the reported filters only showed a tuning range of about
10%, and two DC bias circuits are required to control its odd and even-mode resonant
frequencies by loading different capacitance. In order to simplify the biasing circuit by
using single DC bias scheme and improve the tuning range, a possible solution is
addressed in this chapter, in which, a wideband transformer and odd/even-mode tuning
rate method are employed.

Two two-pole tunable bandpass filters and a four-pole tunable bandpass filter of
this type are designed, simualted and tested experimentally.

4.2

Two-Pole Varactor-Tuned Dual-Mode Bandpass Filters

In this section, Two two-pole varactor-tuned bandpass filters have been
investigated theoretically. By employing a wideband transformer and odd/even-mode
tuning rate method, the filters can be achieved a tuning range of 41% while keeping a
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nearly constant absolute bandwidth using a single DC bias circuit. The filters exhibit
high selectivity on either side of passband due to a finite-frequency transmission zero
associated with even mode of the dual-mode resonator and this transmission zero can be
shifted along the passband when both the odd and even modes are tuned.

The proposed filter structure is shown in Figure 4-1. It can be seen that a
wideband transformer is applied as the input/output (I/O) coupling structure for the
filter. The wideband transformer may be considered as a type of interdigital coupled
lines, which is known to have a dominant inductive coupling with wideband behaviour.
Therefore, the I/O coupling can be adjusted to achieve constant bandwidth tuning
requirement over a wide tuning range. While for the transformer used in the reported
filters [11]-[12], capacitive coupling is dominant and it is difficult to control I/O
coupling properly over a wide tuning range due to the lack of inductive coupling
associated with the structure. In a conventional tunable dual-mode filter, I/O coupling is
used to compensate both the variation of a slope parameter x (or b ) and the coupling
between resonators due to the frequency change. However, for the proposed dual mode
tunable filter, I/O coupling is only used to compensate the variation of x (or b ) since its
even and odd modes do not couple to each other.

Design equations and procedures are derived as follows.

w11

w12

l1

Cv

Cv

l4

Cv

w4

l5
w5

w3

l3

w2

Cs

s

l2

s

Cs

Figure 4-1. Layout of the proposed two-pole dual-mode tunable filter.
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4.2.1

Theory and design equations

For our investigation, Figure 4-1 shows a layout of the proposed two-pole
varactor-tuned dual-mode microstrip bandpass filter. Variable capacitances C v are
supposed to be loaded varactors. These three same varactors are to be used with a single
DC bias circuit, which makes both the implementation and tuning simple.

The proposed dual-mode filter has a coupling scheme as shown in Figure 4-2,
where S and L denote the input and output ports respectively; node 1 denotes the odd
mode and node 2 for the even mode. Because this two operating modes do not couple,
this leads to a simple tuning scheme. How to achieve this ideally is discussed below.

Figure 4-2. The coupling scheme of the filter.

4.2.1.1

Ideal requirement for tunable dual-mode filter

To tune the center frequency of this type of dual-mode filter while keeping
constant filter response shape and bandwidth, two factors ideally need to be considered.
Firstly, the resonant frequencies of odd-mode ( f 0o ) and even-mode ( f 0e ) need to be
shifted proportionally. Secondly, the shape and bandwidth of odd-and even-mode
frequency response must keep constant over the entire tuning range, this would require
the external quality factor for the odd-mode ( Qexo ) and even-mode ( Qexe ) vary directly
with the tuning frequency [47]. These parameters may be represented by

f 0e − f 0o = A

(4.1)
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Qexe =

Qexo =

f 0e

(4.2)

∆f 3edB

f 0o

(4.3)

∆f 3odB

where A denotes the separation between even-and odd-mode resonant frequencies;

∆f 3odB , ∆f 3edB are the 3-dB bandwidths of odd-and even-mode, respectively [1]. Note
that ideally ∆f 3edB , ∆f 3odB and A are to be constant over the entire tuning range for
constant absolute bandwidth tuning.

It is notice that ideal requirement for tunable dual-mode filter is distinct to that of
conventional tunable filter discussed in Section 3.2 due to two operating modes of the
dual-mode filter do not couple.

To determine the desired curves from the equations (4.1)-(4.3) for a prescribed
frequency response, a coupling matrix method may be applied [75], [78]. According to
the coupling scheme in Figure 4-2, the coupling matrix of the filter may be defined as
ms1 ms 2
0 
 0
 ms1 m11
0
mL1 

M =
ms 2 0
m 22 mL 2


mL1 mL 2
0 
 0

(4.4)

where msi (i=1 to 2) presents the coupling between the source and resonators, mLi
denotes the coupling between the load and resonators, mii denotes resonator tuning. In
order to excite the odd and even modes, this requires mL1 = − ms1 and mL 2 = ms 2 . To
calculate the transmission coefficient S21 and reflection coefficient S11 of the proposed
coupling matrix, the following expressions may be employed [75].
S 21 = −2 j[ A]n + 2,1

(4.5)

S11 = 1 + 2 j[ A]1,1

(4.6)

−1

−1
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where n denotes the number of resonators, [ A]ij is the i th row and j th column element
−1

of [ A] , the matrix [ A] is given by
−1

[A] = [m] + Ω[U ] − j[q]

(4.7)

where [U ] is the identity matrix of (n + 2) × (n + 2) except that [U ]11 = [U ]n+ 2,n+ 2 = 0 ,

[q] denotes the (n + 2) × (n + 2) matrix with all entries zeros except for
[q ]11 = [q ]n+2,n+2 = 1 , and Ω is the frequency variable of the lowpass prototype. For the
synthesis of the coupling matrix coefficients, a gradient-based optimization technique
can be employed [1]. After the matrix coefficients are determined, the odd-and evenmode resonant frequencies ( f 0o , f 0e ) and external quality factor ( Qexo , Qexe ) can be
derived by [75]

f oo = f 0 −

f 0 ⋅ FBW
m11
2

(4.8)

f oe = f 0 −

f 0 ⋅ FBW
m 22
2

(4.9)

Qexo =

Qexe =

1

(4.10)

FBW ⋅ ms12

1

(4.11)

FBW ⋅ ms 2 2

where f 0 is the centre frequency and FBW is the fractional bandwidth of the
prescribed frequency response. From (4.8)-(4.11) and (4.1)-(4.3), the design curves of
the dual-mode tunable filter can be determined.

4.2.1.2

Odd-and even-mode tuning rates

To shift the odd-and even-mode resonant frequencies proportionally by loading
the same capacitance, the tuning rate of odd and even modes need to be characterized.
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The concept of tuning rate of a resonator can be referred to Section 3.3. The tuning rate
indicates how much an odd or even modal frequency is shifted by varying
capacitance C v . Assume C v varies from C v1 to C v 2 , the odd-mode frequency shifts from

f 01o to f 02o , and the even-mode frequency shifts from f 01e to f 02e . Thus, the tuning rate of
odd-and even-mode can be defined as

Tuning rate =

f 02o / e − f 01o / e
C v 2 − C v1

(GHz/pF)

(4.12)

where the superscript o / e denotes the odd or even modes.

By placing a short circuit or open circuit at the symmetric plane of the circuit in
Figure 4-1, we obtain the circuit model for the odd mode or even modes, without
input/output coupling as shown in Figure 4-3(a) and (c). To demonstrate that how to
control the modal tuning rate, the circuit models of Figure 4-3(a) and (c) may be
modified as that of Figure 4-3(b) and (d), respectively. A reference port is added for
deriving an input admittance, i.e., for the odd mode,

Yino = j (ωC v −

Yo
)
tan θ o

(4.13)

and for the even-mode,

Y ine= j{Y0

YL +Y 0tan θ 0
+ ωC v }
Y0 − YL tan θ 0

(4.14)

with
Y L= Ye

ω (Cv / 2 + C stub ) +Y etan θ e
Ye − ω (Cv / 2 + C stub ) tan θ e

where C v is loading capacitance, Cstub represents the bended short open-circuited stub,
which may be estimated from C stub = (Y 1tan θ1 ) / ω . Yo , Ye , Y 1 , θ o , θ e , and θ1 are the
admittances and electrical lengths for the transmission line sections shown in Figure 43. The resonant frequencies of the odd and even mode can be found from (4.15)
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Im[Yino ] = 0

(a)

Im[Yine ] = 0

(b)

(c)

(4.15)

(d)

Figure 4-3. Circuit model of (a, b) odd-mode and (c, d) even-mode.

From (4.13), it can be seen that the resonant frequency of the odd mode depends on the
parameters C v , Yo , θ o . Assume that the loading capacitance Cv varies from C v1 (0.6 pF)
to C v 2 (5 pF). For θ o = 80˚ at a nominal frequency of 1 GHz, the modal tuning rate can
be calculated by (4.12) with different values Yo , and the results are plotted in Figure 4-4
(a). Similarly, for Yo = 0.02 S, the modal tuning rate can also be calculated against
different values of θ o , and the results are present in Figure 4-4 (b). These two sets of
results show that the smaller the admittance Yo or the shorter the electrical length θ o is,
the larger the modal tuning rate.

With loading the same capacitance range, the tuning rate of the even mode
depending on the parameters Ye , θ e is investigated. From equations (4.13) and (4.14), it
is envisaged that the resonant frequency of the even mode can be shifted by varying Ye
, θ e while the resonant frequency of the odd mode is not changed for given Yo and θ o .
This means that the tuning rate of the even mode may be controlled so as to match the
tuning rate of the odd mode by varying Ye and θ e .
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(a)

(b)
Figure 4-4. The tuning rate of odd-mode varies with (a) Yo and (b) θ o (where

Cv1 = 0.6 pF;

C v 2 = 5.0 pF).

For given separations between the odd-and even-mode resonant frequencies over a
loading capacitance range, the values of Ye and θ e may be determined from (4.16) and
(4.17),

f 01e − f 01o

f 02e − f 02o

C v = C v1

Cv = Cv 2

=A

(4.16)

=B

(4.17)
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where A, B are the separations between odd-and even-mode resonant frequencies for a
loading capacitance of C v1 , C v 2 . Ideally, they are also proportional to the bandwidth.
For the constant absolute bandwidth tuning, the resonant frequencies of odd-mode and
even-mode need to be shifted proportionally, hence, B should be equalled to A. To
demonstrate how to achieve this, assume that A=100 MHz; Yo = 0.02 S; θ o = 80˚ at 1
GHz, which is the nominal high frequency of a given tuning range; C v1 = 0.6 pF;
and C v 2 = 5.0 pF. Also, for the demonstration, Cstub is chosen for three values: Cstub = 0,

Cstub = 0.3 pF and Cstub =1.3 pF to represent different cases of the short open-circuited
stub. By applying (4.13) and (4.14) and (4.16) and (4.17), Ye , θ e can be determined for
B=A as follows: Ye = 0.018 S and θ e = 68.54˚ when Cstub = 0; Ye = 0.016 S and θ e =
62.17˚ when Cstub = 0.3 pF; Ye = 0.006 S and θ e = 23.43˚ when Cstub = 1.3 pF.
After Ye , θ e are determined, the tuning rate of even mode can then be calculated by
(4.12), for all the three cases, as 9.2%, which is equal to that of odd mode (see Figure 44). The resonant frequencies of the odd and even modes against the loading capacitance

C v , varying from 0.6 to 5.0 pF, are plotted in Figure 4-5 for a comparison. Note that,
for the even mode, the curves for the three different values of Cstub coincide together,
which implies that the effect of the short open-circuited stub can easily be compensated
by Ye and θ e with negligible influence to the even-mode tuning rate. This, however,
allows a more flexible design for the loading element inside the open loop. From the
analysis above, it is clear that the tuning rate of the even mode is controllable to be
equal to the tuning rate of the odd mode. As such, the resonant frequencies of the two
operating modes can be controlled to shift proportionally.

The separation between the modal frequencies, which is ideally proportional to
the bandwidth, varies with the tuning range present in Figure 4-6, obtained by using
(4.13) and (4.14) and (4.16) and (4.17). It shows that the wider the tuning range, the
larger the variation of the frequency separation. This somewhat limits the tuning range
for a large constant absolute bandwidth.
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Figure 4-5. The resonant frequency of even-mode comparing with that of odd-mode.

Figure 4-6. Modal frequency separation varies against the tuning range. (Note that for
the tuning range of 29.5%, Ye = 0.0163 S and θ e = 69.04˚; for the tuning range of 45.1%,

Ye = 0.0185 S and θ e = 68.8˚; for the tuning range of 55.5%, Ye = 0.0215 S and θ e =
68.44˚. )

72

4.2.1.3

External coupling of the filter

With the input/output coupling, the circuit models of odd and even modes are
present in Figure 4-7. The input reflection coefficient of odd mode ( S11o ) and even
mode ( S11e ) may be found by

S11o ( f ) = S11 ( f ) − S 21 ( f )

(4.18)

S11e ( f ) = S11 ( f ) + S 21 ( f )

(4.19)

where S11 ( f ) and S 21 ( f ) are the two-port scattering parameters of the filter [1], which
can be extracted using a full-wave electromagnetic (EM) simulation tool [79].
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l2 / 2
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s

(a)

l2 / 2

(b)

Figure 4-7. Circuit model of (a) odd mode and (b) even mode with input/output
coupling.

The external quality factor of odd-mode ( Qexo ) and even-mode ( Qexe ) of the proposed
filter may be derived from the group delay of the input reflection coefficient of odd-and
even-mode [1] as follows:

Qexo =

2πf 0o ⋅ τ S11o ( f 0o )
2

(4.20)
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Qexe =

2πf 0e ⋅ τ S11e ( f 0e )
2

(4.21)

∂ϕ S11o ( f )
(2π )∂f

(4.22)

where

τ S11o ( f ) = −

τ S11e ( f ) = −

∂ϕ S11e ( f )
(2π )∂f

(4.23)

where τ S11o ( f ) , τ S11e ( f ) are group delays of odd and even modes; ϕ S11o ( f ) and

ϕ S11e ( f ) denote the phase responses of the input reflection coefficient of odd and even
mode. A typical group delay response of input reflection coefficient of odd-mode is
shown in Figure 4-8.

f 0o

f

Figure 4-8. The typical group delay response of input reflection coefficient of odd-mode.

To maintain the shape and bandwidth of odd-and even-mode frequency response
over the entire tuning range, Qexo and Qexe of the proposed tunable filter must satisfy
equations (4.2) and (4.3) and this may be achieved by properly choosing the transformer
parameters w11 , l1 , s and C s shown in Figure 4-7. In general, for given l1 , which
depends on the contour of the open loop, a stronger coupling can be obtained with a
smaller s . In addition, the coupling turns to be more inductive and can be enhanced with
a narrower w11 and larger C s .

It should be mentioned that the reason for using full-wave EM simulation to
extract the design parameters, i.e., the resonant frequency of odd-mode ( f 0o ) and even74

mode ( f 0e ), and the external quality factor of odd-mode ( Qexo ) and even-mode ( Qexe ) is
to include parasitic effects such as right-angle bend parasitics, open-end fringing, viahole inductance, and even unwanted cross coupling between nonadjacent transmission
lines. These parasitic effects are difficult to be taken into account by the ideal electrical
circuit modeling. However, for the initial design and characterizing the proposed dualmode filter, the electrical circuit modeling is useful and given in the Appendix.

4.2.1.4

Design procedure
•

Step1: Determine of the requirements of the ideal tunable dual-mode filter:
The requirements of the ideal tunable filter may be derived from its fix
frequency response centring at the high frequency edge of a given tuning
range. The separation (A) of the odd-and even-mode resonant frequencies
and the required Qexo and Qexe for the ideal tunable filter then can be
determined from (4.1)-(4.3).

•

Step2: Design of Transformer Network: To maintain the shape and
bandwidth of odd-and even-mode frequency response over the tuning
range, Qexo and Qexe of the proposed tunable filter given in (4.20) and (4.21)
must satisfy (4.2) and (4.3) by properly choosing the transformer
parameters w11 , l1 , s and C s .

•

Step 3: Design of the even-mode tuning rate: The tuning rate of the even
mode may be designed to match the tuning rate of the odd mode by using
(4.16) and (4.17) with B=A for the constant absolute bandwidth tuning. As
there are six degrees of freedom to determine the tuning rate of even-mode
i.e. w3 , l3 , w4 , l 4 , w5 , and l5 , four parameters may be chosen first, and
then the last two can be determined by (4.16) and (4.17). Since the purpose
of using w4 , l 4 , w5 , and l 5 is to shorten the length of the even mode
within the square loop of the odd mode (see Figure 4-1), these parameters
may be chosen first.

To go through the design procedure, two examples are given below.
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4.2.2

Design example_ Tunable filter with finite-frequency transmission zero
located at high side of the passband (Filter A)

The proposed filter has been designed using microstrip lines with the following
specifications:

Tunable range:

0.6~1.07 GHz

Fractional bandwidth (FBW)

2.9% at 1.07 GHz

Number of poles:

2

To derive the required design parameters for the tunable filter, a filter centring at
1.07 GHz has been designed firstly with a finite-frequency transmission zero located at
1.12 GHz, a fractional bandwidth of 2.9% and passband return loss of 20 dB. The
desired parameters may be derived from a target coupling matrix corresponding to the
prescribed response by using the method given in Section 4.2.1.1, which
results f 0o = 1.053 GHz; f 0e = 1.098 GHz; Qexo = 27.2 and Qexe = 105.2 . With these
design parameters, the desired values for the ideal tunable filter are derived according to
(4.1)-(4.3) and plotted in Figure 4-9 using the full line. The proposed tunable filter can
be

designed

in

light

of

full-wave

EM

simulation.

By

comparing

the

extracted Qexo Qexe f 0o and f 0e from EM simulation (see Section 4.2.1.3) with the desired
ones from target coupling matrix, the dimensions of the dual-mode filter can be
determined. For our example, a substrate with dielectric constant of 10.2 and thickness
of 1.27 mm is used. The odd-mode resonator is formed using a 50-Ω line, which has a
tuning rate as that shown in Figure 4-4. Although it is possible to use other
characteristic impedance line, the resultant tuning rate will be different. The loading
capacitance C v is chosen to be 0.6 pF. The electrical length of odd-mode resonator can
then be determined initially for f 0o = 1.053 GHz. To achieve desired values for
Qexo and Qexe , obtained from (4.2) and (4.3), respectively, as shown (full line) in Figure

4-9(a), the transformer parameters, i.e.

w11 , l1 , s and C s are chosen, so that the

extracted external quality factors from (4.20) and (4.21) could best satisfy those desired
over the tuning range. The resultant extracted Qexo and Qexe are also plotted (dot line) in
Figure 4-9(a). The parameters for the even mode, i.e., w3 , l 3 , w4 , l 4 , w5 and l5 are
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derived based on (4.16) and (4.17) with B = A, so that the resonant frequencies of the
odd mode and even modes can be shifted proportionally. Initially, w4 , l 4 , w5 , and l5
were chosen as 4, 8, 1, and 1 mm, respectively. After that, w3 and l3 are determined
from (4.16) and (4.17). Note that w4 , l 4 , w5 , l5 may be readjusted so that the loading
elements of even-mode are within the square-loop of odd mode. The plot of the
separation of the odd-and even-mode resonant frequencies is displayed in Figure 4-9(b).

(a)

(b)
Figure 4-9. (a) External quality factor Qexe , Qexo and (b) f 0e − f 0o of the desired and
extracted proposed tunable filter (Filter A).

77

It is shown that the resonant frequencies of odd mode and even modes are shifted nearly
proportionally after the tuning rate of the even mode is modified. Note that the extracted
result of Figure 4-9(b) was obtained by EM simulation and with the I/O structure,
whereas the result shown in Figure 4-5 was obtained from the theory without
considering the I/O coupling. Nevertheless, they all showed that both modes can be
tuned proportionally over a certain tuning range.

The parameters for the final layout of the proposed tunable filter, as referring to
Figure 4-1, is given in Table 4-1.

TABLE 4-1

Parameters of the proposed tunable dual-mode filter (Filter A) (in millimeters)
(see Figure 4-1)

w11

w2

w3

w4

w5

w12

0.2

0.7

0.5

0.3

1.2

1.0

l1

l2

l3

l4

l5

s

17.7

12.7

13

8.5

2

0.2

Cs

Cv

2.8 pF

0.6 to 5.0 pF

Full-wave EM simulated responses of the filter are present in Figure 4-10. It can be seen
that, the tunable filter exhibits a nearly constant 3-dB absolute-bandwidth (80 ± 5 MHz),
and its centre frequency is tuned from 0.6 to 1.03 GHz with the capacitance C v of
loading varactors changes from 5.0 to 0.6 pF. To demonstrate this type of tunable filter
experimentally, the designed filter is fabricated as shown in Figure 4-11 with an overall
circuit size of 15.5 mm×19.3 mm. The matching capacitance C s is realized by AVX
chip capacitor [84], while the variable capacitance C v is implemented by M/A COM
MA46H202 varactor [85]. In this case, three varactors are used, which are applied by a
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single DC bias circuit. The measured results for a DC bias ranging from 2.2 V to 22.0 V
are also plotted in Figure 4-10, which are obtained using Agilent 8510B network
analyzer. From Figure 4-10, we can observe that the measured tunable characteristics
are in good agreement with the simulated ones. The experimental varactor-tuned
bandpass filter shows high selectivity on high side of the passband with less than 1.8 dB
insertion loss and more than 10 dB return loss over a tuning range of 41% from 0.6 to
1.03 GHz. The measured 3-dB bandwidth is 85 ± 5 MHz.

(a)

(b)
Figure 4-10. Measured and EM simulated S-parameters of the proposed filter (Filter A).
(a) S21 and (b) S11 . The bias voltage is between 2.2-22V. The 3-dB absolute-bandwidth
is 85 ± 5 MHz from 0.6 to 1.03 GHz.
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Figure 4-11. Photograph of the fabricated proposed filter (Filter A).

A further discussion is made here on the design. From Figure 4-9(a), it can be
seen that the Qexe does not meet the ideal values after the even-mode tuning rate being
modified. This is because the parameters of the even mode have the effects on both
Qexe and the tuning rate. Therefore, there is a trade-off in the design, and as a result, the

designed bandwidth would be slightly different from the desired specification. However,
the bandwidth can be readjusted by slightly varying the even-mode resonant frequency.
Comparing Figure 4-9(a) and (b), it can be seen that when the extracted Qexe is smaller
(the coupling to the even mode being stronger), the separation between the odd- and
even-mode frequencies is smaller, which thus minimizes the variation of the 3-dB
bandwidth at these frequencies within the tuning range. In addition, it is recommended
to design the filter with a slightly larger bandwidth than the required specification.

4.2.3

Design example_ Tunable filter with finite-frequency transmission zero
located at low side of the passband (Filter B)

Filter B can be designed following the same design procedure as filter A. The
layout of filter B is present in Figure 4-12.
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(b)

(a)

Figure 4-12. Layout of filter B. (a) with symmetrical structure and (b) with
asymmetrical structure (dimensions refer to Figure 4-1).

It should be noticed that the location of loaded varactor for the even mode is different
from that of filter A. This is because the resonant frequency of the even mode of filter B
is required to be lower than that of the odd mode in order to produce a finite frequency
transmission zero located at low side of the passband. By employing the similar design
procedure, filter B with a symmetrical varactor loading structure can be designed. The
filter parameters are listed in Table 4-2.

TABLE 4-2

Parameters of the proposed tunable dual-mode filter (Filter B) (in millimeters)
(see Figure 4-1)

w11

w2

w3

w4

w5

w12

0.2

0.7

0.3

0.5

0.3

1.0

l1

l2

l3

l4

l5

s

17.7

12.7

14

6.5

3.9

0.2

0.41 to 2.95 pF
Cs

Cv

2.8 pF

(sym.)
0.6 to 5.0 pF
(asym.)
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In order to reduce the number of varactors, filter B with an asymmetrical varactor
loading structure can then be developed from the designed symmetrical one. A
symmetrically loaded element for the even mode can have an equivalent asymmetrically
loaded element as long as the loading point is symmetrical with respect to the I/O ports
(see Figure 4-12). Both designs result in the same filtering responses as shown in Figure
4-13. In this case, the only difference between the two designs, i.e., symmetrical and
asymmetrical, is the loading capacitance for the even mode, as indicated in Table 4-2.

While the extracted external quality factors for both modes are similar to that of
Figure 4-9(a), the extracted even–odd-mode separation with respect to the loading
capacitance C v shows a different characteristic, as illustrated in Figure 4-14. The 3-dB
bandwidth of filter B has a larger variation than filter A, the reason is that when the
coupling to even mode is stronger, the frequency separation is larger as well, resulting
in a larger 3-dB bandwidth.

0
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-30
Symmetrical structure
Asymmetrical structure
-40
0.3

0.4
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0.6

0.7

0.8
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1.1

1.2

1.3

Frequency (GHz)

Figure 4-13. The EM simulated performance of filter B with symmetrical structure and
asymmetrical structure.
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Figure 4-14. Desired and extracted f 0e − f 0o for the proposed tunable filter (filter B).

The experimental filter for filter B, fabricated using the same substrate as that for
filter A, is shown in Figure 4-15 with an overall circuit size of 15.5 mm×18.5 mm. It is
EM-simulated and measured responses are displayed in Figure 4-16. From Figure 4-16,
it can be seen that the measured tunable characteristics are similar to the simulated ones.
The experimental varactor-tuned bandpass filter shows a high selectivity on the lowside
of the passband with less than 2.2-dB insertion loss and more than 10-dB return loss
over a tuning range of 41% from 0.57 to 0.98 GHz. The applied bias voltage is between
2.2–22.0 V. The measured 3-dB bandwidth is 91 ± 6 MHz over the tuning range.

Figure 4-15. Photograph of the fabricated proposed filter (Filter B).
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(a)

(b)

Figure 4-16. Measured and EM simulated S-parameters of the proposed filter (Filter B).
(a) S21 and (b) S11 . The bias voltage is between 2.2-22V. The 3-dB absolute-bandwidth
is 91 ± 6 MHz from 0.57 to 0.98 GHz.

4.3

Four-Pole Varactor-Tuned Dual-Mode Bandpass Filters with Quasi-Elliptic
Function Response

The two-pole dual mode tunable filter, consisting only one dual-mode resonator,
exhibits high selectivity on either side of passband (see Section 4.2). In order to obtain a
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quasi-elliptic function response, two dual-mode resonators can be cascaded through
nonresonating nodes [86] to build up a four-pole filter of this type. Two transmission
zeros, located on each side of the passband, are inherently associated with the evenmodes of the dual-mode resonators, thus, when the two even-mode frequencies are
tuned, the associated transmission zeros shift accordingly, resulting in a tunable quasielliptic function response.

4.3.1

Filter structure and operation

Figure 4-17 shows a layout of the proposed four-pole dual-mode tunable filter,
Variable capacitances C are supposed to be loaded varactors. These six same varactors
are to be used with a single DC bias circuit, which makes both the implementation and
tuning simple.
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Figure 4-17. Layout of the four-pole dual-mode tunable filter.

The proposed four-pole dual-mode filter has a coupling scheme as shown in
Figure 4-18, where S and L denote the input and output ports respectively; node 1, 3
denote the odd-mode and node 2, 4 denote the even-mode. N denotes the nonresonating
nodes [86]. Because the four operating modes do not couple and the two nonresonating
nodes can be considered as frequency independent for narrow band filters, this leads to
a simple tuning scheme, that is, to tune all modal frequencies proportionally to maintain
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the passband shape when the centre frequency of the proposed filter is tuned. How to
achieve this is discussed as follow.

Figure 4-18. The coupling scheme of the four-pole dual-mode filter.

4.3.2

Four-pole dual-mode tunable filter design

To design the proposed four-pole tunable filter, two steps may be applied.

• Step 1—to design two two-pole dual-mode tunable filters, one with a finitefrequency transmission zero on lowside of the passband (filter A) and
the other with a finite-frequency transmission zero on highside of the
passband (filter B), respectively.

• Step 2—to cascade the two-pole filters obtained from the step 1 using a nonresonating node structure in between.

The two-pole tunable filter can be designed by employing the design method given in
Section 4.2. By properly choosing the parameters of input/output transformer and the
loading elements (see Figure 4-17), the external quality factors of odd and even mode
and the odd-and even-mode tuning rates could be best satisfied the desired ones
according to (4.1)-(4.3). Notice that in order to achieve a good return loss of the
cascaded proposed filter, the frequency response of the two two-pole filter must be
matched to each other over the tuning range as shown in Figure 4-19, which are
simulated using full-wave EM simulation tool [79].
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(a)

(b)

Figure 4-19. EM-simulated performance of the two two-pole filters. (a) S11. (b) S21.

From Figure 4-19(a), it is clear that the return loss of filter A and filter B are well
matched at about 10 dB. A 50-Ω line is then used to connect the two designed two-pole
tunable filters to form the proposed four-pole tunable filter. The length of the
connecting line is chosen as short as possible, however, coupling between the four
resonant modals will be introduced when filter A and filter B are placed too close. This
coupling can deteriorate the performance of the cascaded filter. Notice that, in order to
reduce this unwanted coupling, the orientation of filter A and filter B is opposite (see
Figure 4-17). The final layout of the proposed four-pole dual-mode filter is given in
Table 4-3 and its frequency responses are presented in Figure 4-20 by performing fullwave EM simulation. As can be seen, the tunable filter exhibits a quasi-elliptic function
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response over a tuning range of 20% from 0.83 to 1.04 GHz when the capacitance C of
loading varactors changes from 2.0 to 0.6 pF. The simulated 3-dB absolute bandwidth is
41 ± 1.5 MHz over the entire tuning range.

TABLE 4-3

Parameters of the proposed four-pole tunable dual-mode filter ( (in millimeters)
(see Figure 4-17)

w1a

w2a

w3a

w4a

w5a

w1b

w2b

w3b

w4b

w5b

0.2

1.2

0.3

1.0

1.2

0.2

1.0

0.7

1.0

1.2

l1a

l 2a

l3a

l 4a

l5a

l1b

l 2b

l3b

l 4b

l5b

14.5

22.1

12.5

7.9

1.4

14.5

23.1

13.3

7.9

1.5

C

0.6 to 2.0 pF

Figure 4-20. EM-simulated performance of the proposed four-pole tunable filter.
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4.3.3

Fabrication and measurements

To demonstrate this type of tunable filter experimentally, the filter is fabricated on
a substrate with a relative dielectric constant of 10.2 and a thickness of 1.27 mm as
shown in Figure 4-21. The variable capacitance C is implemented by M/A COM
MA46H202 varactor [85] which is applied by a single DC bias circuit. The measured
results are plotted in Figure 4-22, which are obtained using Agilent 8510B network
analyzer. From Figure 4-22, we can observe that the experimental four-pole tunable
bandpass filter exhibits two finite-frequency transmission zeros on each side of the
passband, which is similar to the simulated ones. The measured centre frequency is
tuned from 0.83 to 1.01 GHz when the DC bias varies from 6.7 to 22 V with the return
loss is better than 10 dB. The measured 3-dB absolute bandwidth is 30 ± 1.6 MHz over
the entire tuning range. The overall circuit size of the filter is 35.6 mm×25.7 mm.

Figure 4-21. Photograph of the fabricated proposed filter.
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(a)

(b)
Figure 4-22. Measured and EM simulated S-parameters of the proposed four-pole
tunable filter. (a) S21 and (b) S11. The bias voltage is between 6.7-22 V. The 3-dB
absolute-bandwidth is 30 ± 1.6 MHz from 0.83 to 1.01 GHz.

Discussion:

The side lob of the four-pole tunable filter on lowside of the passband (see Figure
4-22(a)) may be due to the non-ideal of the nonresonating node, which actually has a
resonant peak at about 1.6 GHz (see Figure 4-23). To minimize this effect, a possible
solution is using two layers with ground plane inserted between the two two-pole filters,
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the connecting line can be implemented by a via, so that the length of the connecting
line is minimized, resulting in a better performance of the proposed four-pole filter.

Figure 4-23. Measured harmonic responses of the four-pole tunable filter.

4.4

Summary

A new type of varactor-tuned dual-mode microstrip open-loop resonator bandpass
filter has been investigated for a constant absolute bandwidth tuning. This type of filter
can be tuned in a simple manner by controlling the resonant frequencies of the oddmode and even-mode since these two operating modes do not couple. In order to tune
this type of dual-mode filter by using a single DC bias circuit and to achieve constant
absolute bandwidth over a broad tuning range, a wideband input/output transformer
network and odd/even-mode tuning rate method have been introduced. Design
equations and design procedures have been presented. By applying the design
procedures, two two-pole tunable bandpass filters with opposite asymmetric responses
and a four-pole tunable bandpass filter with quasi-elliptic function response have been
demonstrated with both simulated and experimental results. Good agreement between
simulation and measurement is obtained.
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Chapter 5

DUAL-MODE FILTERS WITH NOVEL CONFIGURATIONS

5.1

Introduction

Figure 5-1(a) shows a new type of miniature dual-mode microstrip open-loop
resonator [10]. The miniature dual-mode resonator can be used as a doubly tuned
resonant circuit, and therefore the number of resonators required for a given degree of
filter is reduced by half, resulting in a compact filter configuration.

S =(
S =(

(a)

λg 0
4

S =(

2

π

)2

)2

(b)

λg 0

λg 0

(c)

S =(
)2

(d)

1.84λ g 0

π

)2

(e)

Figure 5-1. (a) Miniature dual-mode resonator. (b) Square loop dual-mode resonator. (c)
Ring dual-mode resonator. (d) Square patch dual-mode resonator. (e) Disk patch dualmode resonator. (where S denotes the circuit surface area, λ g 0 is the guided wavelength
at resonant frequency [5].)
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Moreover, as compared with the size of the conventional dual-mode square loop
resonator; ring resonator; square patch resonator and disk patch resonator of Figure 51(b-e) [5], the size of dual-mode open-loop resonator is only about 25% of the square
loop resonator; 18% of the ring resonator and 12% of the square/disk patch resonator,
which is a significant size reduction and make this type of miniature dual-mode
resonator attractive filter applications.

By employing a tapped line feed structure into the miniature dual-mode resonator,
double behaviour of the dual-mode resonator can be obtained, which forms a new class
of miniature dual-mode filters that exhibits quasi-elliptic function response without any
cross coupling. This will be discussed in Section 5.2.

Parallel feed configuration of the dual-mode resonators has also been investigated,
which leads to a lower insertion loss and a better midband of passband performance
than the reported work [10], with a trade-off of less rejection level in the stopband.
Moreover, by relocating the modal frequencies, a dual-band operation of the proposed
parallel feed filter can be obtained. The design procedure of this type of filter will be
given in Section 5.3.

To further reduce the size of the miniature dual-mode resonator, a slow-wave
technique is employed to achieve a new type of dual-band dual-mode slow-wave openloop resoantor filters. Flexible filtering characteristics can be obtained by using different
feed schemes. This will be addressed in Section 5.4.

5.2

Quasi-Elliptic Function Doublet Filters without Cross Coupling

This section presents the latest results of an investigation of new doublet filter
comprised of a single miniature dual-mode open-loop resonator. By introducing a
tapped line feed structure, the filter exhibits a double behaviour that not only supports
two trnasmission poles in the passband, but also facilitates two transmission zeros at
finite frequency, resulting in a quasi-elliptic function response without any cross
coupling.

The filter operation and design method of this new class of miniature doublet
filters are discussed as follows.
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5.2.1

Doublet dual-mode filter operation

Figure 5-2(a) shows the layout of a proposed doublet filter consisting of a single
microstrip dual-mode open-loop resonator. The resonator is excited by two ports with
asymmetrical arrangements. The port 1 has a tapped line feed structure, whereas the
port 2 uses a coupled line feed structure. The filter is simulated with a commercially
available full-wave electromagnetic (EM) simulator [79] and the result is plotted in
Figure 5-2(b). As can be seen the filter exhibits a two-pole quasi-elliptic function
response centered at 1.04 GHz with two finite-frequency transmission zeros (TZs)
allocating at 0.935 and 1.165 GHz, respectively.

a
(a)

(b)

Figure 5-2. (a) The proposed doublet dual-mode filter. (b) EM simulated performance.
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To understand the operation of the doublet and the mechanism of generating the
transmission zeros, a coupling structure of Figure 5-3(a) is first studied, where the nodes
1 and 2 indicate the resonant modes 1 and 2 of the dual-mode resonator, and S and L
denote the source (port 1) and load (port 2), respectively.

(a)

(b)
Figure 5-3. (a) A possible doublet coupling structure. (b) Computed response.

For this doublet coupling structure, a direct coupling between the source and load is
assumed. The coupling matrix for this structure is given by (5.1)
ms1 ms 2 MsL 
 0
 ms1 m11
0
mL1 

M =
 ms 2
0
m 22 mL 2


0 
 MsL mL1 mL 2
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(5.1)

The transmission coefficient S21 and reflection coefficient S11 of the coupling matrix
can be calculated by (4.5) and (4.6). The associated element values for a possible
solution of (5.1) are ms1 = 0.65 , ms 2 = 0.84 , m11 = −1.05 , m 22 = 1.58 , mL1 = −0.75 ,
mL 2 = 0.58 , and MsL = −0.075 . Figure 5-3(b) plots the computed response, which

would show a good agreement with the simulated response of Figure 5-2(b).

For this coupling structure, the transmission zeros are attributed to the direct coupling
between the source and load, and hence the TZ locations strongly depend on the
strength of this direct coupling. However, when we change the coupling between the
source and load using the two alternative output (port 2) feed arrangements shown in
Figure 5-4(a) and (b), it is found from the EM simulation that the TZs are entirely
independent of the coupling between the source and load as shown in Figure 5-4(c).

(a)

(b)

(c)
Figure 5-4. (a) The doublet filter with a weak coupling to the load (Port 2_A). (b) The
doublet filter with a much weaker coupling to the load (Port 2_B). (c) Simulated
responses.
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This implies that the occurring of the two TZs for the proposed doublet filter should be
attributed to something else but not the source and load coupling. Furthermore, since the
couplings from the load to mode 1 (mL1), and from the load to mode 2 (mL2) change
too for the port 2 arrangements in Figure 5-4(a) and (b), the results of Figure 5-4(c) also
suggest that the TZs are independent of mL1 and mL2 as well.

In order to find out the mechanism that produces the two TZs in the proposed doublet
dual-mode filter, the EM simulations are performed to obtain the field distributions of
the doublet filter at the frequencies of the two TZs. Figure 5-5 shows the current
distributions when the port 1 is excited. Now, it becomes clear that at a TZ’s frequency,
there is a resonance associated with the even mode of the dual-mode open-loop
resonator, as shown in Figure 5-5(a). And, at the other TZ’s frequency a resonance
occurs in association with the odd mode as shown in Figure 5-5(b).

(a)

(b)

Figure 5-5. Current distribution of the proposed doublet filter. (a) at the first TZ
frequency of 0.935 GHz. (b) at the second TZ frequency of 1.165 GHz.

It appears that these two resonances produce a short circuit along the feed line of the
port 1, and hence block the signal transmission leading to the transmission zeros
observed at these two frequencies. This suggests that microstrip dual-mode open-loop
resonator associated with the tapped line feed structure has a double behaviour that not
only supports two transmission poles in the passband, but also facilitates two
transmission zeros at finite frequencies.
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According to the analysis above, the additional transmission zero located at 1.165 GHz
may be produced by extracted attenuation pole [1]. The circuit model of the proposed
doublet filter can be derived as shown in Figure 5-6. Where Lo and Co denote shunt
parallel-type resonator that represents odd mode. Le and C e denote shunt parallel-type
resonator that represents even mode. L(a ) and C (a ) denote shunt series-type resonator
that represents an extracted attenuation pole. a is a coefficient associated with the feed
position of the tapped line as indicated in Figure 5-2(a). K and J present impedance
inverter and admittance inverter, respectively. The use of K and J inverters is because
the external coupling from port 1 can be considered as inductive coupling and the
external coupling from port 2 can be considered as capacitive coupling. R A and RB are
terminal impedances. As can be seen that impedance inverter K (a ) and shunt series
resonator ( L(a ) and C (a ) ) are a function of coefficient a . Hence, the feed position of
the tapped line can affect both extracted attenuation pole and external coupling to odd
and even modes.

odd mode
K (a )

Lo

Co

J

Extracted
attenuation pole

RA

L(a)

K

K (a )

C (a)

Le

Ce

J

J

even mode

Figure 5-6. Circuit model of the proposed doublet filter.

5.2.2

Fabrication and experimental results
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RB

For the experimental demonstration, the above filter is fabricated on a substrate
with a relative dielectric constant of 10.8 and a thickness of 1.27 mm. Figure 5-7(a) is a
photograph of the fabricated filter with an overall circuit size of 15 mm×15.1 mm. The
measured and simulated results are given in Figure 5-7(b) for the comparison. The
measured response agrees well with that of the EM simulation.

(a)

(b)

Figure 5-7. (a) Fabricated doublet dual-mode filter. (b) Measured and simulated
response.

5.2.3

More examples
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According to the above study of the mechanism of producing transmission zeros
in the doublet filter comprised of a single microstrip dual-mode open-loop resonator, it
is also possible to control both TZs frequencies and allocate the both at the upper
stopband. Figure 5-8 shows an example of this type of doublet and its simulated
response. Note that the position of the tapped line feed structure has been changed.

(a)

(b)

Figure 5-8. (a) A doublet dual-mode filter that exhibits two TZs at the upper stopband.
(b) Simulated response.

Multi-pole quasi-elliptic function filters can be built up by cascading several
doublets. Shown in Figure 5-9(a) is a 4-pole filter of this type, which consists of two
doublets. The performance of the filter is displayed in Figure 5-9(b). As can be seen,
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three finite-frequency TZs are generated without implementing any cross couplings. As
a matter of fact, the doublet on the left produces the TZ at 1.16 GHz, and the doublet on
the right produces the TZs at 0.935 and 1.4 GHz. The overall circuit size of the filter is
34.5 mm×15.1 mm.

(a)

(b)

Figure 5-9. (a) 4-pole quasi-elliptic function filter comprised of two doublets to exhibit
three finite-frequency TZs. (b) Simulated performance.
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5.3

Parallel Feed Microstrip Quasi-Elliptic Function Bandpass Filter

A new type of four-pole microstrip quasi-elliptic function bandpass filter based on
dual-mode open-loop resonator has been investigated recently [10]. The four-pole filter
is formed by cascading two dual-mode resonators in a series configuration using nonresonating nodes, as shown in Figure 5-10(a).

Port 1

Port 2

(a)

w1

l2

w5a

w3a

l 3a
l 5a

l1
w4a

l 4a

w2

Port 1

Port 2
gap

w2
l 4b
w4b

l1

l 5b

w3b

l 3b

w 5b

l2

s

s

(b)

Figure 5-10. (a) A layout of reported work cascaded in series configuration [10]. (b) A
layout of proposed filter built in parallel feed configuration.
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In order to improve in-band perforamce, such as less less insertion loss and better
matching at mid-band of passband, parallel feed configuration of the microstrip dualmode quasi-elliptic function bandpass filter is proposed in Figure 5-10(b). As
comparing with the previous topology in Figure 5-10(a). the odd modes of the proposed
parallel feed filter are coincided, resulting in a 3-pole quasi-elliptic function response
rather than a 4-pole quasi-elliptic function response by cascading in series configuration.
Hence, less insertion loss can be achieved with a better mid-band performance.
Moreover, by relocating the modal frequencies, a dual-band operation of the proposed
parallel feed filter can be obtained. Design coupling scheme and design procedure are
discussed below.

5.3.1

Filter operation and design

Figure 5-10(b) is a layout of the proposed filter with two dual-mode open-loop
resonators that are built in parallel feed configuration with respect to the input and
output ports. The gap between the two dual-mode open-loop resonators is chosen such
that the coupling between them is negligible. The proposed dual-mode filter has a
coupling scheme as shown in Figure 5-11, where S and L denote the input and output
ports respectively; node 1, 3 denote the odd-mode and node 2, 4 denote the even-mode.

Figure 5-11. The coupling scheme of the parallel feed three-pole filter.
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It should be mentioned that the pair of operating modes in each dual-mode open-loop
resonator do not couple to each other [10]. Also, notice that, in order to achieve a good
matching at the mid-band of passband, the odd modes of the two dual-mode resonators,
namely, node 1 and node 3, are needed to be identical. The two transmission zeros
located at each side of passband are associated with the two even modes having
different loading elements inside the open-loop as illustrated in Figure 5-10(b). This
implies that the location of the two transmission zeros can be controlled by adjusting the
loading elements of the two even modes, respectively.

To design the proposed three-pole parallel feed dual-mode filter, a coupling
matrix method may be applied (see Section 4.2.1.1). According to the coupling scheme
and the filter operation, the coupling matrix may be defined as
ms1 ms 2 ms3 ms 4
0 
 0
 ms1 m11
0
0
0
mL1 

ms 2 0
m 22
0
0
mL 2
M =

0
m33
0
mL3
 ms3 0
ms 4 0
0
0
m 44 mL 4


mL1 mL 2 mL3 mL 4
0 
 0

(5.2)

where msi (i=1 to 4) presents the coupling between the source and resonators, mLi
denotes the coupling between the load and resonators, mii denotes resonator tuning. As
the odd modes are identical, this results m11 = m33 ; ms1 = ms3 ; mL1 = −ms1 ;
mL3 = −ms3 . In order to achieve symmetrical response, the relations should be held as
ms 2 = ms 4 and m 22 = − m 44 . Moreover, for the symmetrical plane locates at the odd

mode resonant frequency, this requires m11 = m33 = 0 . To calculate the transmission
coefficient S21 and reflection coefficient S11 of the proposed coupling matrix, the
following expressions may be employed (see Section 4.2.1.1).
S 21 = −2 j[ A]n + 2,1

(5.3)

S11 = 1 + 2 j[ A]1,1

(5.4)

−1

−1

where n denotes the number of resonators, [A] is an associated matrix including the
coupling matrix [M ] as referring to Section 4.2.1.1.
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Design example:

The proposed parallel feed configuration filter has been designed using microstrip lines
with the following specifications:
Center frequency:

1.087 GHz

Fractional bandwidth (FBW)

10%

Number of poles:

3

Finite-frequency transmission zeros:

1.0 GHz and 1.17 GHz

For the synthesis of the coupling matrix coefficients according to the prescribed
frequency response, a gradient-based optimization technique can be employed [1],
which results in ms1 = 0.52 ; ms 2 = 0.37 ; m11 = m33 = 0 ; m 22 = −1.1 ; m 44 = 1.1 . By
using (4.8)-(4.11), the design parameters can be determined as f 0o = 1.087 GHz;
f 0e1 = 1.147 GHz; f 0e 2 = 1.027 GHz; Qexo = 37.0 and Qexe = 73.0 . Where f 0e1 , f 0e 2 denote

the even-mode resonant frequencies at high side and low side of the passband,
respectively. In order to extract the physical dimensions by employing the even-and
odd-mode analysis method given in Section 4.2.1.3, the proposed parallel feed
configuration filter may be decomposed into two two-pole filters as given in Figure 512.

w1a

sa
w2b

l 2a

l 4b

w5a

w3a

l 3a

w4b

l5a

l1b

l5b

w4a

l 1a

w3b

l 3b

l 2b

l 4a

w 5b

w 2a

w1b

(a)

sb

(b)

Figure 5-12. Layout of (a) upper two-pole dual-mode filter and (b) lower two-pole dualmode filter.

After the upper two-pole dual-mode filter and the lower two-pole filter are designed,
they are built in parallel feed configuration to form the proposed three-pole filter as
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displayed in Figure 5-10(b). Notice that the external coupling of the two-pole dualmode filters is twice stronger than the three-pole parallel feed configuration filter. This
is because the transmitted power is divided by half for the filter in parallel feed
configuration. Hence, the design parameters for the upper two-pole dual-mode filter are
modified

as

f 0o = 1.087

GHz;

f 0e1 = 1.147

Qexo = 37.0 / 2 = 18.5

GHz;

and Qexe = 73.0 / 2 = 36.5 , and for the lower two-pole dual-mode filter are
f 0o = 1.087 GHz; f 0e 2 = 1.027 GHz; Qexo = 37.0 / 2 = 18.5 and Qexe = 73.0 / 2 = 36.5 . The

design parameters extracted from full-wave EM simulation [79] comparing with the
calculated ones are listed in Table 5-1.

TABLE 5-1

Comparison of calculated and extracted design parameters

Design

Calculated

Extracted

f 0o

1.087

1.032

f 0e

1.027

Qexo
Qexe

parameters

Design

Calculated

Extracted

f 0o

1.087

1.032

1.04

f 0e

1.147

1.149

18.5

19.0

Qexo

18.5

19.0

36.5

43.9

Qexe

36.5

37.3

parameters

The upper two-pole dual-mode filter

The lower two-pole dual-mode filter

TABLE 5-2

Parameters of the proposed parallel feed three-pole filter (in millimeters)
(see Figure 5-10(b))

w1

w2

w3a

w4a

w5a

w3b

w4b

w5b

s

0.3

1.5

1.1

5.5

1.8

0.9

5.5

2.7

0.15

l1

l2

l3a

l 4a

l5a

l3b

l 4b

l5b

gap

16.2

23.2

5.5

8.1

3.5

5.5

9.9

3.9

3.5
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Note that the extracted odd-mode resonant frequency is slightly lower than the
calculated one is due to the unwanted coupling between the odd modes in physical
realization, which will be discussed in Section 5.3.4. The final layout of the proposed
parallel feed three-pole filter is given in Table 5-2.

The frequency responses of the proposed three-pole filter are presented in Figure 5-13,
where both results, i.e. calculated by using the coupling matrix and simulated by using
the full-wave EM simulator [79], are plotted together for the comparison, which show a
good agreement. The simulated out of band rejection level on the lowside of passband is
smaller than the one on the highside of passband, which is due to the coupling to the
even mode associated with the lowside transmission zero is weaker than the one
associated with the highside transmission zero by using the proposed topology in Figure
5-10(b) as indicated in Table 5-1.
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S11, S21 (dB)
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simulated results

-50
0.8

0.9

1.0

1.1

1.2

1.3
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Frequency (GHz)

Figure 5-13. Calculated and EM-simulated performance of the proposed parallel feed
three-pole filter.

5.3.2

Comparison study

In order to make a comparison with previous work (see Figure 5-10(a)), a
previous work with similar bandwidth and centre frequency using the same substrate
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has been designed and its frequency responses comparing with the proposed filter are
displayed in Figure 5-14.
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Figure 5-14. The comparison of simulated proposed filter and previous work: (a) Sparameter performance. (b) Group delay.

It is envisaged that the proposed filter has smaller insertion loss at the passband and
nearly half group delay less than the previous work due to 3-pole instead of 4-pole filter
topology of the proposed parallel feed configuration filter. At the mid-band of passband,
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the return loss of the proposed filter is about 30 dB, while the previous work obtains
only about 12 dB, which shows a better matching condition of the proposed filter.
However, the out of band rejection level is lower than the previous work, which is a
typical characteristic similar to that reported in [87]. Therefore, there is a trade off
between the two designs.

5.3.3

Fabrication and measurements

To demonstrate this type of filter experimentally, the filter is fabricated on a substrate
with a relative dielectric constant of 10.2 and a thickness of 1.27 mm as shown in
Figure 5-15(a) with an overall circuit size of 16 mm×33.5 mm. The measured results are
plotted in Figure 5-15(b), which is obtained using Agilent 8510B network analyzer.
From Figure 5-15(b) we can observe that the experimental four-pole bandpass filter
exhibits good performance over the passband, which is similar to the simulated one. The
measured centre frequency is 1.04 GHz with a fractional bandwidth of 10% (3 dB
bandwidth). The insertion loss at the mid-band is better than 0.7dB. Notice that the
measured centre frequency is slightly lower than the simulated one (1.08 GHz). This
may be due to the slightly larger dielectric constant of the substrate used in the
fabrication.
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Figure 5-15. (a) Photograph of the fabricated proposed parallel feed three-pole filter. (b)
Measured results.
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5.3.4

Discussion

It is notice that there are small coupling exist between node 1 and node 3, and, node 2
and node 4 due to the close placement of the two dual-mode resonators. It is interesting
that these coupling seem to shift both odd modes and even modes in the same direction,
but not splitting them in a conventional way. These can be observed in Figure 5-16. It
can be seen that as the gap between the two dual-mode resonators (see Figure 5-10(b))
is changed, both odd modes and even modes are shifted accordingly in the same
direction. It is also shown that the even modes are hardly affected by the coupling,
which implies that the gap may be employed to improve the passband performance by
relocating the odd mode resonant frequencies while the even mode resonant frequencies
are kept nearly the same. For large gaps, the coupling between the odd modes or even
modes can be neglected as the modal frequencies are nearly the same for the gap of 3.5
mm and 5.9 mm, observed from Figure 5-16.
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Figure 5-16. The coupling effects between the two odd modes or the even modes.

5.3.5

Parallel feed configuration dual-band filters

The proposed parallel feed configuration filter can be designed as a dual-band
filter when the two dual-mode resonators i.e. node 1 and 2, and node 3 and 4 are located
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at dual-band frequencies. In order to derive the dual-band frequency responses using
coupling matrix method, the frequency variable matrix in (4.7) is modified as indicated
in (5.5) and (5.6)

0
0
0
0 0
0 Ω(f) 0
0
0

0 0 Ω(f) 0
0

0 Ω(f) 0
0 0
0 0
0
0 Ω(f)

0
0
0
0 0

0
0
0

0
0

0

0
0
0
0 0
0 Ω1(f) 0
0
0

0 0 Ω1(f) 0
0

0 Ω2(f) 0
0 0
0 0
0
0 Ω2(f)

0
0
0
0 0

0
0
0

0
0

0

with

Ω1( f ) =

1
f
f
(
− 01 )
FBW 1 f 01
f

Ω2( f ) =

f
1
f
(
− 02 )
FBW 2 f 02
f

(5.7)

(5.8)

where Ω( f ) is the frequency variable of the lowpass prototype. f 01 , f 02 denote center
frequency of the dual passbands and FBW 1 , FBW 2 denote the fractional bandwidth of
the dual passbands, respectively. The coupling matrix [M ] is the same as (5.2). By using
(5.3) and (5.4), parallel feed configuration dual-band filters with different filtering
characteristics are computed and demonstrated in the following.

Figure 5-17(a) presents a dual-band filter (filter A) with high selectivity on the lowside
of the high passband and high selectivity on the highside of the low passband with the
design parameters are

f 01 =1.08 GHz;

f 02 =1.6GHz; FBW 1 = FBW 2 =0.1;

ms1 = ms 3 = 0.6 ; ms 2 = ms 4 = 0.37 ; m11 = 0.5 ; m 22 = −0.5 ; m33 = −0.5 ; m 44 = 0.5 .

By only exchanging the odd-and even-mode resonant frequencies of the dual-mode
resonators, the filtering characteristics of filter A has an opposite frequency responses as
displayed in Figure 5-17(b) (filter B), where m11 = −0.5 ; m 22 = 0.5 ; m33 = 0.5 ;
m 44 = −0.5 .
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Figure 5-17. Calculated frequency responses of (a) filter A and (b) filter B.

The bandwidth of the dual bands can be controlled independently as the four modes of
the dual-mode resonators do not couple to each other. They are illustrated in Figure 518, where the design parameters of filter C are the same as filter A except FBW 1 =0.05;
FBW 2 =0.1, and the design parameters of filter D are the same as filter A except
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Figure 5-18. Calculated frequency responses of (a) filter C and (b) filter D.

To realize the parallel feed configuration dual-band filter using microstrip lines, the
design method given in Section 5.3.1 can be employed. Take filter D as an example, the
proposed parallel feed configuration dual-band filter may be decomposed into two twopole filters, i.e. the low passband filter and the high passband filter. The EM simulated
layouts of the two filters are depicted in Figure 5-19.

112

(a)

(b)

Figure 5-19. (a) EM simulated layout of the low passband filter. (b) EM simulated
layout of the high passband filter.

The ideal design parameters can be calculated using (4.8)-(4.11) as f 0o = 1.053 GHz;
f 0e = 1.107 GHz; Qexo = 27.8 / 2 = 13.9 and Qexe = 73.0 / 2 = 36.5 for the low passband

filter, and for the high passband filter are

f 0o = 1.62 GHz;

f 0e = 1.58 GHz;

Qexo = 55.6 / 2 = 27.8 and Qexe = 146.0 / 2 = 73.0 . By using the design method given in

Section 4.2.1.3, the design parameters extracted from full-wave EM simulation
comparing with the calculated ones are listed in Table 5-3. The final layout of the dualband filter is given in Table 5-4.

TABLE 5-3

Comparison of calculated and extracted design parameters of filter D

Design

Calculated

Extracted

f 0o

1.053

1.052

f 0e

1.107

Qexo
Qexe

parameters

Design

Calculated

Extracted

f 0o

1.62

1.624

1.106

f 0e

1.58

1.586

13.9

14.62

Qexo

27.8

27.87

36.5

35.85

Qexe

73

74.4

parameters

The low passband filter

The high passband filter
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TABLE 5-4

Parameters of the proposed parallel feed configuration dual-band filter (filter D)
(in millimeters) (see Figure 5-19)

w1a

w2a

w3a

w4a

w5a

w1b

w2b

w3b

w4b

w5b

sa

gap

0.3

1.5

1.3

1.8

2.7

0.3

1.5

0.4

4

2.2

0.35

6.1

l1a

l 2a

l3a

l 4a

l5a

l1b

l 2b

l3b

l 4b

l5b

sb

13.6

17.1

4.5

9.8

3.9

16.2

24.2

5.5

8.9

2.7

0.1

Figure 5-20 shows the full-wave EM simulated frequency responses of the proposed
parallel feed configuration dual-band filter (filter D), comparing with the one calculated
by using the coupling matrix. It can be seen that the center frequency of the high
passband filter is lower the calculated one and its bandwidth is smaller than the
calculated one. The differences may due to the asymmetrical topology of the filter (The
size of the high passband filter is smaller than the low passband filter as shown in
Figure 5-19). Thus, the design method may be suitable for an initial design.
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Figure 5-20. Calculated and EM-simulated performance of the proposed parallel feed
configuration dual-band filter (filter D).
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Discussion

Comparing to the dual-band filter described in Section 5.4, the dual-band filter with
parallel feed configuration has more flexible filtering characteristics regarding to the
control of finite-frequency transmission zero that associated with even-mode and the
bandwidth of the dual passbands. However, the parallel feed configuration dual-band
filter is difficult to form a higher order filter.

5.4

Dual-Band Filter based on Non-Degenerate Dual-Mode Slow-Wave OpenLoop Resonators

This section presents a new class of compact dual-band filters based on the dualmode microstrip slow-wave open-loop resonator of Figure 5-21(a), which is evolved
from the previous work [1], [10]. The slow-wave effect of this type of resonator has
been investigated in Section 3.5. This resonator can support two non-degenerate modes,
which do not couple regardless of the separation of the two modes. Therefore, it can be
treated as doublet with a coupling structure of Figure 5-21(b). The non-degenerate dualmode microstrip slow-wave open-loop resonator can be used as a building block for
designing high order miniature dual-band filters. By employing different feed schemes
and coupling structures, this type of dual-band filter exhibits different filtering
characteristics, which are demonstrated in the following.

(a)

(b)

Figure 5-21. (a) Non-degenerate dual-mode microstrip slow-wave open-loop resonator.
(b) Its coupling structure as a doublet.
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5.4.1

Filter operation and design examples

5.4.1.1

Filter with coupled-line input/output structure

Figure 5-22(a) shows a dual-band filter comprised of two non-degenerate dualmode resonators. The input and output (I/O) of the filter use a coupled line structure.
Figure 5-22(b) displays the full-wave electromagnetic (EM) simulated frequency
response of the proposed dual-band filter on a dielectric substrate with a relative
dielectric constant of 10.8 and a thickness of 1.27 mm. The EM simulation is performed
using a commercially available tool, i.e. Sonnet EM [79].

(a)

(b)

Figure 5-22. (a) Dual-band filter with coupled-line I/O. (b) EM simulated response.
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Figure 5-23 shows the fabricated filter and measured response. The two passbands are
centered at 0.86 GHz and 1.39 GHz, respectively. The maximum rejection between the
two bands is 30 dB. The overall circuit size of the filter is 29.4 mm×15 mm.

(a)

(b)

Figure 5-23. (a) Fabricated dual-band filter with coupled-line structure. (b) Its measured
performance.

5.4.1.2

Filter with tapped-line input/output structure

Figure 5-24(a) shows another dual-band filter which is fed by the tapped line at
the input and output. The simulated response is shown in Figure 5-24(b).
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(a)

(b)

Figure 5-24. (a) Dual-band filter with tapped-line I/O. (b) EM simulated response.

It is notable that there is a transmission zero (TZ) allocated at a frequency between the
two passbands. The EM simulation is carried out to obtain the EM field distribution at
this frequency, i.e. 1.095 GHz in this case, and the results are illustrated in Figure 5-25.
It is clear to see that one arm of the first dual-mode resonator is resonant at this
frequency, which presents a short circuit at the input resulting in the transmission zero
observed in Figure 5-24(b). For the experimental demonstration, the filter is fabricated
on the same substrate mentioned in the last section. Figure 5-26(a) is a photograph of
the fabricated filter and Figure 5-26(b) is the measured response. The overall circuit size
of the filter is 27.6 mm×15 mm.
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(a)

(b)

Figure 5-25. Field distribution at the frequency of the transmission zero (1.095 GHz). (a)
Current. (b) Charge.

(a)

(b)

Figure 5-26. (a) Fabricated dual-band filter with tapped-line structure. (b) Its measured
performance.
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5.4.2

Higher order dual-band filters

Higher order filters of this type can be easily built up in a cascade structure. Two
examples of three-pole dual-band filter of this type are shown in Figure 5-27 and Figure
5-28 with the circuit sizes indicated. The filters are designed on a 1.27-mm thick
dielectric substrate with a dielectric constant of 10.8. The filter responses shown are
obtained by using the EM simulation. It is interesting to note that there is a transmission
zero at around 1.8 GHz for both filters. This is believed to be caused by the resonance
of the loading element inside the slow-wave open loop.

(a)

(b)

Figure 5-27. (a) Three-pole dual-band filter A. (b) Simulated response.
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(a)

(b)

Figure 5-28. (a) Three-pole dual-band filter B. (b) Simulated response.

Except for the I/O feed structure, the above two filters have a similar topology, in which
the adjacent dual-mode resonators have an opposite orientation. In fact, this is not
necessary and the proposed non-degenerate dual-mode resonator is very flexible for
forming different filter topologies. For the demonstration, Figure 5-29(a) illustrates the
layout of another three-pole dual-mode filter, where all resonators have the same
orientation. The simulated response is given in Figure 5-29(b). An extra transmission
zero is found on the low side of the first passband. The overall circuit size of the filter is
43.3 mm×15.5 mm.
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(a)

(b)

Figure 5-29. (a) Three-pole dual-band filter C. (b) Simulated response.

5.5

Summary

Three new types of dual-mode filters based on a miniature dual-mode resonator
with novel configurations have been investigated.

Miniature doublet filters that exhibit quasi-elliptic function response without any
cross coupling has been introduced in Section 5.2. It has been found that the TZs are
produced by a double behaviour of the microstrip dual-mode open-loop resonator
associated with the tapped line feed structure used in the doublet filter. It is this double
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behaviour that not only supports two transmission poles in the passband, when a single
doublet is designed as a 2-pole bandpass filter, but also facilitates two transmission
zeros at finite frequencies resulting in a quasi-elliptic function response without the
need of cross coupling. It is envisaged that the doublet of this type can also be used as a
basic building block for modular design of higher order quasi-elliptic function filters. A
four-pole filter of this has been demonstrated.

A three-pole parallel feed microstrip dual-mode open-loop resonator filter that
exhibits a quasi-elliptic function response has been investigated in Section 5.3. By
forming two dual-mode resonators in parallel feed configuration, the odd modes of the
proposed parallel feed configuration filter are coincided, resulting a 3-pole quasi-elliptic
function response rather than a 4-pole quasi-elliptic function response by cascading in
series configuration. Hence, less insertion loss can be achieved with a better mid-band
performance. Moreover, by relocating the modal frequencies, a dual-band operation of
the proposed parallel feed filter can be obtained. An experimental filter of this type has
been designed, fabricated and tested.

A new type of compact dual-band filters that consist of non-degenerate dual-mode
microstrip slow-wave open-loop resonators has been addressed in Section 5.4. Different
feed schemes and coupling structures have been investigated. Both simulated and
experimental results have been described. It has been shown that the design of this type
of dual-band filter is very flexible in terms of filter topologies and filtering
characteristics.
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Chapter 6

BANDSTOP FILTERS WITH HARMONIC SUPPRESSION

6.1

Introduction

Planar bandstop filters are useful for RF/microwave applications [1]. In particular,
narrow-band band-reject or notch filters have become more and more important in most
microwave communications and radar systems as there exist more unwanted signals or
interference at air interfaces. This has stimulated new developments of microstrip band
reject filters [70]-[73]. Usually, transmission line bandstop filters comprised of
distributed resonators would have encountered a restriction on the extent of the upper
passband because of spurious response. Recent efforts have been made to overcome this
restriction using a new design technique [17]-[18], in which both directly coupled stub
and two types of parallel-coupled line designs with very wide upper passband have been
demonstrated.

In this chapter, an alternative new technique is proposed, which is to cancel or
suppress the first spurious mode by employing coupled three-section stepped impedance
resonator (SIR), leading to a wide upper passband. In general, the purpose of SIR is to
achieve a higher spurious frequency response or to have a compact size of circuit [75],
[80], [88]. However, for the bandstop filter of this type, the three-section SIR is also
employed to control the bandwidth of the first spurious mode. A comprehensive study
of the building block for the proposed filter configuration shown in Figure 6-1, covering
theoretical works to explain the mechanism behind achieving a wide upper passband for
this type of bandstop filter.

A stripline filter design and a microstrip filter design are detailed to verify the
theory. In addition, as a preliminary investigation, the microstrip bandstop filter is tuned
electronically using ferroelectric thin film varactors.
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(a)

(b)

Figure 6-1. The configuration of proposed filter. (a) One-section. (b) Cross-coupled
section.

6.2

Theory and Design Equations

To cancel or suppress the first spurious mode of the proposed bandstop filter, both
the three-section stepped impedance resoantor (SIR) effects and the coupling between
the SIR and the main transmission line need to be considered. Ther are investigated
theorectically as below.

6.2.1

Effects of stepped impedance resonator

The purpose of using three-section SIR is to control the bandwidth of the first
spurious frequency response, and then leading to its cancellation. For this reason, the
characteristics of the SIR are analysed as follows to specify the configurations required
for the proposed bandstop filter.

The SIR is one-quarter wavelength-type resonator at its fundamental resonant
frequency for the proposed bandstop filter, which is displayed in Figure 6-2. The SIR is
constructed by two different characteristic impedance lines, Z m and Z 1 , with electrical
length of θ m and θ1 . The total electrical length is denoted by θ r with θ r = θ m + 2θ 1 .
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Z1

θ1

Zm

θm

Z1

θ1

K=

Z1
>1
Zm

θ r = θ m + 2θ1

(a)
Z1

θ1

Zm

θm

Z1

Z1
<1
Zm
θ r = θ m + 2θ1
K=

θ1

(b)

Figure 6-2. The structures of SIR. (a) K > 1 and (b) K < 1.

6.2.1.1

Fundamental resonance condition

The input impedance Z i of the SIR is given as follows:

Z i = jZ 1 ⋅

(1 + K 2 ) ⋅ (tan θ m ⋅ tan θ1 ) − K (1 − tan 2 θ1 )
2 K tan θ1 + tan θ m ( K 2 − tan 2 θ1 )

(6.1)

where K is the impedance ratio, K = Z 1 / Z m .

The fundamental resonance condition can be obtained by applying:
Zi = 0

(6.2)

From (6.1) and (6.2), the fundamental resonance condition is determined as (6.3)
tan θ m ⋅ tan θ1
K
=
2
1 − tan θ1
1+ K 2
For θ r = θ m + 2θ 1 , we can derive from (6.3) that
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(6.3)

tan θ r =

θr =

2 A + tan 2 θ m
tan θ m (1 − 2 A)

π

( K ≠ 1)

(6.4)

( K = 1)

2

where
A=

K
1+ K 2

Using (6.4), the relationship between θ r and θ m is plotted in Figure 6-3, which
shows that either the larger K for the SIR of Figure 6-1(a) or the smaller K for the SIR
of Figure 6-1(b) is, the shorter electrical length of the resonator is. The minimum value
for θ r with varying K occurs when

θ m = tan −1

2K
1+ K 2

(6.5)

which can be obtained by differentiating (6.4) with respect to θ m .

Figure 6-3. Resonance condition of the SIR.
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Next, consider θ m = θ 1 = θ , and the input impedance of SIR from (6.1) can be
simplified as

Z i = jZ1 ⋅

(1 + K + K 2 ) tan 2 θ − K
tan θ (2 K + K 2 − tan 2 θ )

(6.6)

By applying the resonance condition of (6.2), the electrical length θ 0 at the
fundamental frequency f 0 can be determined as

(1 + K + K 2 ) tan 2 θ0 − K = 0

θ0 = tan −1

6.2.1.2

K
1+ K + K 2

(6.7)

Spurious resonance frequency for Z i = 0

By applying the condition Z i = 0 , the electrical length θ sn (n = 1, 2, 3…) at
spurious resonance frequent f sn (n = 1, 2, 3…) can be derived from (6.6).
For f s1 and f s 2 , it is found that

θ s1 =

π
2

θ s 2 = π − tan −1

K
1+ K + K 2

(6.8)

Thus,
f s1 θ s1
=
=
f0 θ0

fs2 θs2
=
=
f0
θ0

π
2 tan −1

K
1+ K + K 2

π
tan −1

K
1+ K + K 2
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−1

(6.9)

For a desired BSF centered at the fundamental frequency, these spurious resonances
generate additional transmission zeros (S21 = 0) resulting in unwanted stopbands. In
particular, the spurious resonance at f s1 limits the bandwidth of upper passband.

Transmission pole frequency for Z i = ∞

6.2.1.3

In contrast to the spurious resonance for Z i = 0 , the SIR produces transmission
poles (S11 = 0) when Zi = ∞ . By applying the condition Zi = ∞ , the electrical length

θ pn (n = 1, 2, 3…) at the transmission pole frequency f pn (n = 1, 2, 3…) can also be
derived from (6.6). This is done by imposing the term 2 K + K 2 − tan 2 θ = 0 .
For f p1 and f p 2 , we obtain

θ p1 = tan −1 2 K + K 2
θ p 2 = π − θ p1

(6.10)

Therefore,

f p1
f0

f p2
f0

6.2.1.4

=

=

θ p1
θ0

θ p2
θ0

=

tan −1 2 K + K 2
tan −1

=

K
1+ K + K 2

π − θ p1
θ0

(6.11)

Discussions

Figure 6-4 illustrates the results of (6.9) and (6.11) against the impedance
ratio K . It is notable that as the K increase, the transmission pole frequencies f p1 and
f p 2 are getting closer with the spurious frequency f s1 in between. As a consequence,

the bandwidth of the first spurious frequency response is expected to become narrower.
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This interesting phenomenon can be observed clearer in light of the circuit modeling
results presented in Figure 6-5, where the single section BSF of Figure 6-5(a),
terminated

with Z 0 = 50 Ω , consists of a SIR with θ m= θ1 = 30o , Z m = 30 Ω ,

Z 1 = KZ m . For the comparison, the results for K = 1 is also presented.

Figure 6-4. Spurious resonance frequency and transmission pole frequency of SIR
against the impedance ratio of K for θ m= θ1 .

When K = 1, the SIR is actually a uniform line quarter-wavelength resonator, and in this
case the first spurious stopband is centered at f s1 f 0 = 3 and the first non-zero
frequency transmission pole occurs at f p1 f 0 = 2 . The K=1 corresponds to a case where
there is no dispersion and the phase velocity is a constant. For K=3, the first spurious
stopband is centred at f s1 f 0 = 3.5 , but its bandwidth is significantly reduced as can be
seen from Figure 6-5(b). In this case, the two transmission pole frequencies, referring to
Figure 6-5(c), are located at f p1 f 0 = 2.9 and f p 2 f 0 = 4.1 , respectively. Hence, it is
evident that when these two transmission pole frequencies are close, the bandwidth of
the first spurious response becomes small. As a matter of fact, for K>1, the step
impedance discontinuities are introduced which cause a dispersion in the transmission
line resonator [1] so that the phase velocities are different at f s1 , f p1 and f p 2 .
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Z0

Z0

θ

θ

θ

Z1 1

Zm m

Z1 1
(a)

(b)

(c)

Figure 6-5. (a) The single section BSF circuit. (b) Magnitude of S21. (c) Magnitude of
S11.
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For the filter deigns discussed later on, Figure 6-6 displays the bandwidth varying with
Z m while K is kept constant for the bandstop filter circuit of Figure 6-5(a). The smaller

the Z m , the larger is the stopband bandwidth.

Figure 6-6. Stopband bandwidth change for varying with Z m .

6.2.2

Coupling effects

According to the analysis above, with large K , the first spurious mode of an uncoupled SIR can be minimised. However, for a perfect cancellation of this spurious
mode, the coupling between the SIR and the main transmission line, as shown in Figure
6-1(a), plays an important role as well, in particular when a large K is difficult to
implement in a practical design. Moreover, the primary bandwidth at the fundamental
frequency may be controlled by varying Z m while keeping the cancellation of the first
spurious mode. These effects are demonstrated as follows with the help of Microwave
Office tool [89].

6.2.2.1

Spurious suppression
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To investigate the coupling effect on the suppression of the first spurious response,
consider a stripline bandstop filter consisting of one section coupled SIR and using a
dielectric substrate with a relative dielectric constant of 3.02 and a thickness of 1.52 mm.
Figure 6-7(a) is the circuit model for the filter and Figure 6-7(b) shows its frequency
responses for the step impedance ratio K = 3 . The gap between the SIR and the main
transmission line is denoted by S.

Z0

L
W1

L

Wm

L
W1
S

W21

W2 m

Z0

W21

(a)

(b)

Figure 6-7. (a) Circuit model of one-section BSF with a SIR coupled to the main line. (b)
Frequency responses varying with the coupling gap S for K =3. (where
Wm = 2.4 mm , W2 m = 0.2 mm , W21 = 0.48 mm , L = 14.3 mm , Z 0 = 50 Ω )

By comparing the results shown in Figure 6-7(b), it can be concluded that

i.

The narrower the gap (S) is, the narrower is the bandwidth of the first spurious
mode.
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ii.

The cancellation or suppression of the first spurious response depends on both
the SIR ( K ) and the coupling gap (S), for larger K , the gap (S) may be chosen
not too small, so that it is easy for fabrication.

iii.

The bandwidth of the fundamental frequency response is also affected by the
coupling, but insignificantly.

Following the discussion in Section 6.2.1, in fact, the coupling has an additional effect
on the phase velocities at f s1 , f p1 and f p 2 . This effect adjusts these phase velocities in
such a way that f s1 , f p1 and f p 2 occur at the same frequency so that the spurious at f s1
can be completely suppressed.

6.2.2.2

Bandwidth control

The bandwidth of the fundamental frequency response may be controlled by
different Z m ( W m ) with the same impedance ratio K while keeping the first spurious
response suppressed. This is demonstrated in Figure 6-8, using the same circuit model
of Figure 6-7(a).

Figure 6-8. Different bandwidth varying with Z m .
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It should be noticed that the cancellation condition is changed with different Z m , so the
gap (S) needs to be readjusted accordingly as indicated. Figure 6-8 shows that for a
wide bandwidth, low characteristic impedance of Z m and strong coupling are required,
whereas for narrow band, the requirement is opposite.

6.2.3

Design procedure

Based on the above analysis and discussion, a useful procedure for the proposed
filter design is developed. For a given filter specification of stopband centre frequency
and fractional bandwidth, the following desired circuit parameters are to be determined,
which are W m , W1 , W 2 m , W21 , S and L as indicated in Figure 6-7(a). The design
procedure is outlined below:

(a)

For given a required fractional bandwidth, Z m can be estimated from Figure
6-6, which should be chosen by considering the coupling effect as well.
Because the coupling effect can narrow the bandwidth slightly, Z m should
be chosen smaller than the one found in Figure 6-6. This Z m ( W m ) then is
set as initial value for optimisation later on.

(b)

The impedance ratio K may be set larger than 3, so that the gap (S) can be
chosen not too small for spurious suppression as well as easy fabrication.

(c)

After the impedance ratio K is determined, the electrical length of the SIR
can be derived from Figure 6-3 ( θ m =30˚).

(d)

Initially, Z 21 for W21 can be set slightly smaller than 50 Ω and Z 2 m for
W 2 m can be set slightly larger than 50 Ω.

(e)

For multi-section design, all sections may be set with the same parameters
first.
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(f)

After all the initial values of the circuit parameters are determined, the
optimisation can be performed for the cancellation of the first spurious
stopband to obtain a desired frequency response.

6.3

Filter Design (Stripline)

For demonstration, a two-section proposed stripline filter, whose circuit model is
shown in Figure 6-9(a), is designed on a dielectric substrate with a relative dielectric
constant of 3.02 and a thickness of 1.52 mm. The filter specification is
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(a)

(b)

Figure 6-9. (a) Circuit model of two-section proposed stripline filter. (b) Its frequency
responses.
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Stopband centre frequency: 1 GHz

Fractional bandwidth (3 dB): 60%

By employing the design procedure above, for the required fractional bandwidth, Z m
can be estimated as 20 Ω ( W m = 3.5 mm), the impedance ratio K is chosen to be about
4. For a centre frequency of 1 GHz, the electrical length of the SIR can be derived from
Figure 6-3 with θ m =30˚, which is found as 79.3˚. In our design, the electrical length of
each section of the SIR can then be calculated as θ m = θ 1 = θ r / 3 =26.3˚. For the given
substrate, the corresponding physical length (L) can be derived as 12.6 mm. As the SIR
is coupled to the main transmission line with a gap (S) of 0.2 mm initially, the actual
value of L would be slightly shorter than 12.6 mm, which is found to be 11 mm by
performing the circuit optimisation [89]. Z 21 and Z 2 m are set with the initial values of
45 and 55 Ω, respectively. By performing the circuit optimisation for the cancellation of
the first spurious mode, all the circuit parameters are determined. The initial and
optimised circuit parameters are listed in Table 6-1. Note that the final circuit
parameters for Sections 1 and 2 are different because the filter structure of Figure 6-9(a)
is asymmetrical. Figure 6-9(b) shows the performance of the designed filter. It can
clearly be observed from Figure 6-9(b) that the first spurious mode is cancelled, leading
to a very wide upper passband up to 6.2 times the fundamental stopband centre
frequency with a return loss of better than 11 dB.

TABLE 6-1

Initial and optimized circuit parameters of the two-section stripline filter (all
dimensions are in millimeter).

Section one

W 1m

W11

W 1 2m

W 1 21

S1

L

Initial value

3.5

0.35

0.82

1.15

0.2

11

Optimized value

2.4

0.14

0.56

0.7

0.4

11.8

Section two

W 2m

W1 2

W 2 2m

W 2 21

S2

L

Initial value

3.5

0.35

0.82

1.15

0.2

11

Optimized value

2

0.21

0.51

0.82

0.27

11.8
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In order to reduce the circuit size of the two-section stripline filter, the symmetrical
topology of the cross-coupled section bandstop filter introduced in Figure 6-1(b) can be
used. Its circuit model is presented in Figure 6-10 with the same circuit parameters for
upper and lower sections. Its initial and optimised circuit parameters are list in Table 62.

L
W1

Z0

L

L
W1

Wm

S
W21

W2 m

W21

W1

Wm

W1

Z0

S

Figure 6-10. Circuit model of cross-coupled section proposed stripline filter.

TABLE 6-2

Initial and optimized circuit parameters of the cross-coupled section stripline filter
(all dimensions are in millimeter).

Upper and Lower
Section

W

m

W1

W

2m

W

21

S

L

Initial value

3.5

0.35

0.82

1.15

0.2

11

Optimized value

2.2

0.2

0.4

0.7

0.3

11.8

The stripline filter design is verified by both EM simulation [79] and experiment. Figure
6-11(a) shows the layout of the fabricated stripline filter before assembling, whereas
Figure 6-11(b) shows the filter after the assembly. The overall circuit size of the
stripline filter is 35.4 mm×5.4 mm. The EM simulated and measured responses of the
filter are plotted in Figure 6-11(c). The measurement was performed using Agilent
8510B network analyser. In general, both simulated and measured results are in good
agreement. Slight discrepancy is mainly because of the assembly tolerance.
Nevertheless, the experimental filter demonstrates good performance of the proposed
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bandstop filter. As can be seen, the measured primary stopband is centred at 1.0 GHz,
while the first significant spurious response is observed at about 6 GHz, resulting in a
very wide upper passband with a ratio of 6:1.

(a)

（b ）
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S11 (Mea.)
S21 (Mea.)

-40
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3
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5

6

7

Frequency [GHz]

(c)

Figure 6-11. Photograph of fabricated stripline bandstop filter. (a) Before assembling. (b)
After the assembly. (c) Simulated and Measured frequency responses.
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6.4

Filter Design (Microstrip)

For further demonstration, the proposed filter is implemented using microstrip
line. The proposed microstrip BSF is based on a dielectric substrate with a relative
dielectric constant of 3.02 and a thickness of 0.76mm.

Filter specifications:

Stop band center frequency: 1GHz
Fractional bandwidth (3dB): 26%

With the same design procedure as stripline filter, for a fractional bandwidth of
26%, Z m is estimated as 58 Ω, the impedance ratio K is chosen to be about 3. By
performing the optimization, the desired circuit parameters are derived and present in
Table 6-3 using the same structure as Figure 6-10. Its frequency responses are displayed
in Figure 6-12.

TABLE 6-3

Initial and optimized circuit parameters of the cross-coupled section microstrip
filter (all dimensions are in millimeter).

Upper and Lower
Section

W

m

W1

W

2m

W

21

S

L

Initial value

1.5

0.24

1.6

2.2

0.2

15.2

Optimized value

1.4

0.2

1.4

2.0

0.2

16
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Figure 6-12. Circuit modeling responses of cross-coupled section proposed microstrip
filter.

It is obvious that the first spurious mode is not cancelled, this may due to the
asymmetrical passband response of the microstrip filter, which has different phase
velocity of the c mode and π mode of the asymmetrical coupled lines. To overcome
this, an inductively compensated method [90] is introduced to eliminate the first
spurious mode for the proposed microstrip filter by equalizing the different phase
velocities, shown in Figure 6-13(a).
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W1

W 01

Z0

(b)

Figure 6-13. (a) Circuit model of proposed cross-coupled SIR microstrip filter. (b) Its
frequency responses.

The two small transmission lines at each end can be considered as inductive loading for
the compensation of the different phase velocities. The circuit parameters remain the
same as in Table 6-3, apart from the two small transmission lines. By performing the
optimization for the cancellation of the first spurious mode, the parameter for this two
transmission lines are determined as shown in Figure 6-13(a) and the desired responses
are given in Figure 6-13(b).

To verify this circuit model results, the proposed cross-coupled section microstrip
filter is simulated and fabricated. The results are displayed in Figure 6-14(b) and the
photograph of the fabricated microstrip filter is given in Figure 6-14(a) with an overall
circuit size of 49.6 mm×4.6 mm. The measured bandstop filter has a 3-dB bandwidth of
250 MHz centered at the center frequency of 1.0 GHz, and it shows no spurious
responses up to 4.92 GHz, which is in good agreement with both the circuit modeling
and EM simulation.
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Figure 6-14. (a) Photograph of fabricated microstrip BSF. (b) Simulated and measured
frequency responses.

6.5

Tunable Filter Design (Microstrip)

It is of interest to make this type of filter electronically tunable. A critical issue is
to tune the filter’s center frequency ( f 0 ) while keeping the first spurious mode
cancelled. Full-wave EM simulations have been carried out to investigate this issue.
Figure 6-15(a) presents a layout of a microstrip coupled stepped-impedance resonator
(SIR) bandstop filter with a capacitance of 1 pF loaded at different locations of the SIR,
i.e., location A to F.
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(a)

(b)
Figure 6-15. (a) Layout of the microstrip bandstop filter with loading capacitance. (b)
Its first spurious mode cancellation varies with different locations while loading
capacitance of 1 pF. (All dimensions are in millimetre)

By performing full-wave EM simulation [79], the magnitude of the first spurious mode
against the location of the loading capacitance is plotted in Figure 6-15(b). It is obvious
that location C has the best the first spurious mode cancellation. The reason behind this
can be explained by the charge distribution at the frequency of the first spurious mode
shown in Figure 6-16.
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Figure 6-16. Charge distribution of the first spurious mode of the filter.

It can be observed that location C can be considered as a virtual ground for the first
spurious mode of the SIR, which implies that the loading capacitance has minimum
affect to the first spurious mode at this location. By changing the loading capacitance
from 1 to 2 pF, the tuning range of the bandstop filter (fundamental frequency) varies
with the different locations has also been investigated and given in Figure 6-17.

Figure 6-17. The tuning ranges against the different locations with the loading
capacitance varies from 1 to 2 pF.
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Note that the tuning range may be defined by

Tuning range =

max
min
f tune
− f tune
max
f tune

× 100(%)

(6.12)

max
min
and f tune
denote the two edge frequencies within the tuning range.
where f tune

Figure 6-17 shows that location A has the largest tuning range, but for a better
cancellation of the first spurious mode, location C is chosen for tuning this type of filter.

A PST varactor chip [91] shown in Figure 6-18(a) is used for tuning the filter in
our design. Two schemes of implementation of the PST varactor chip are investigated
and displayed in Figure 6-18(b) and (c).

4mm

l

l

Grounding
via hole

5mm
1mm
2mm

Open circuit stub
Location C

(a)

(b)

(c)

Figure 6-18 (a) Layout of PST varactor chip. (b) Implementation scheme A. (c)
Implementation scheme B.

The capacitance value for the PST varactor chip is estimated to be 1 to 2 pF. By
performing full-wave EM simulation, the tuning range and 3dB-upper passband of the
bandstop filter for the two implementation schemes are computed and presented in
Table 6-4. Where 3dB-upper passband is defined by

3dB-upper passband =

_ passband
f 3upper
dB

f0
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( f0 )

(6.13)

_ passband
where f 3upper
is the upper passband frequency of the bandstop filter at 3dB.
dB

TABLE 6-4

Comparison of the implementation scheme A and B.

Implementation

Tuning range

3dB-upper passband

A

13.9%

4.47 f o

B

12.5%

4.87 f o

scheme

Table 6-4 shows that scheme B has a wider 3dB-upper passband up to 4.87 f 0 , while
scheme A has a better tuning range 13.9%. This is because in scheme A, the PST
varactor chips are loaded more close to the end of the open circuit stub as present in
Figure 6-18(b), but has more loading effect (small patch K) for the resonators, resulting

3dB-upper passband (f0)

in a narrower 3dB-upper passband performance.

Figure 6-19. 3dB-upper passband varies with different locations of grounding via holes.
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It is noticed that the location of grounding via hole for the PST varactor chip can also
affect the 3dB-upper passband performance, which is investigated by using full-wave
EM simulation with a loading capacitance of 1pF, shown in Figure 6-19. It is clear that
the grounding via holes need to be located as near as possible to the edge of the PST
varactor chip ( l → 0 see Figure 6-18(b)) to achieve a wider 3dB-upper passband.

From the investigation above, it is found that the location of loading capacitance
plays an important role in the design, and hence there is an optimum location (location
C) to tune the frequency of the desired rejection band, and in the meantime not to excite
the third spurious resonance. To verify this experimentally, a tunable BSF of this type is
designed and fabricated on a substrate with a relative dielectric constant of 3.02 and a
thickness of 0.76mm. Figure 6-20 shows the photograph of the fabricated filter with an
overall circuit size of 49.6 mm×16.6 mm. Two ferroelectric thin film varactors
fabricated using Lead-Strontium-Titanate (PST) materials [91] are implemented in the
optimum location for electronically tuning. The experimental results, obtained using
Agilent 8510B network analyzer, are plotted in Figure 6-21. When the DC bias voltage
across the PST varactors is changed from 0 to 28V, the center frequency of the desired
rejection band is tuned over 60 MHz, as can be seen from Figure 6-21(a). It is more
interesting to see from Figure 6-21(b) that there is a good suppression of the third
spurious mode while tuning.

Figure 6-20. Photograph of the fabricated tunable BSF using PST varactors.
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(a)

(b)

Figure 6-21. Measured response of the tunable BSF. (a) Narrow band. (b) Wideband.

6.6

Summary

A novel type of wide spurious-free planar bandstop filters using coupled stepped
impedance resonators has been introduced. A wide upper passband of this type of
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bandstop filter is attainable because the cancellation of the first spurious resonance
occurs when two transmission poles coincide with the first spurious mode (transmission
zero) by properly choosing the impedance ratio K of the SIR and the gap between the
SIR and the main transmission line. The effects of the stepped impedance resonator and
the coupling between the SIR and the main transmission line have been analysed
theoretically. According to this analysis, the design procedure of this type of bandstop
filter has been developed.

To verify the theory, a proposed stripline filter has been demonstrated
experimentally with achieving an upper passband width of up to six times the
fundamental stopband centre frequency at 1.0 GHz with 3-dB fractional bandwidth of
60%. And, a microstrip bandstop filter of this type has also been designed, centring at
frequency of 1 GHz with 3dB fractional bandwidth of 26%, and it shows no spurious
responses up to 4.92 GHz.

Tunable microstrip bandstop filter of this type has also been investigated. It has
been found that the location of loading capacitance plays an important role in
maintaining the cancellation of the third spurious resonance while tuning the center
frequency of the desired rejection band. This has been verified by an experimental
tunable BSF using the PST varactors.
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Chapter 7

CONCLUSIONS

7.1

Contributions of the thesis

A new type of varactor-tuned dual-mode microstrip open-loop resonator bandpass
filter for a constant absolute bandwidth tuning has been presented [92]-[95]. This type
of filter can be tuned in a simple manner by controlling the resonant frequencies of the
odd-mode and even-mode since these two operating modes do not couple. In order to
tune this type of dual-mode filter by using a single DC bias circuit and to achieve
constant absolute bandwidth over a broad tuning range, a wideband input/output
transformer network and odd/even-mode tuning rate method have been introduced.
Design equations and design procedures have been presented. By applying the design
procedures, two two-pole tunable bandpass filters with opposite asymmetric responses
and a four-pole tunable bandpass filter with quasi-elliptic function response have been
demonstrated with both simulated and experimental results. Good agreement between
simulation and measurement is obtained. Both two-pole tunable bandpass filters exhibit
a tuning range of 41% by using single DC bias circuits, comparing to the reported filters
[11]-[12], which show a tuning range of about 10% by using two DC bias circuits. This
indicates a significant improvement in the tuning range and a simpler DC bias scheme
has been achieved. The proposed four-pole bandpass tunable filter shows a tuning range
of 20% with high selectivity on each side of passband, which is also tuned by a single
DC bias circuit.

Based on a miniature dual-mode open-loop resonator [10], three new types of
dual-mode filters with novel configurations have been investigated [96]-[98].

Miniature doublet filters that exhibit quasi-elliptic function response without any
cross coupling have been demonstrated [96]. It has been found that the transmission
zeros are produced by a double behaviour of the microstrip dual-mode open-loop
resonator associated with the tapped line feed structure used in the doublet filter. It is
this double behaviour that not only supports two transmission poles in the passband,
when a single doublet is designed as a 2-pole bandpass filter, but also facilitates two
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transmission zeros at finite frequencies resulting in a quasi-elliptic function response
without the need of cross coupling. It is envisaged that the doublet of this type can also
be used as a basic building block for modular design of higher order quasi-elliptic
function filters. A four-pole filter of this type has been demonstrated.

To achieve a better passband performance, parallel feed configuration of a threepole dual-mode filter has been introduced [97]. By forming two dual-mode resonators in
parallel feed configuration, the odd modes of the proposed parallel feed filter are
coincided, resulting in a 3-pole quasi-elliptic function response rather than a 4-pole
quasi-elliptic function response by cascading in series configuration. Hence, less
insertion loss and a better mid-band performance can be achieved with a tradeoff of
lower out of band rejection. Moreover, by relocating the modal frequencies, a dual-band
operation of the proposed parallel feed filter can be obtained. An experimental filter of
this type has been designed, fabricated and tested.

A new type of compact dual-band filters that consist of non-degenerate dual-mode
microstrip slow-wave open-loop resonators has also been addressed [98]. Different feed
schemes and coupling structures have been investigated. Both simulated and
experimental results have been described. It has been shown that the design of this type
of dual-band filter is very flexible in terms of filter topologies and filtering
characteristics.

In order to achieve a wide spurious-free upper passband, planar bandstop filters
using coupled stepped impedance resonators have been introduced [99]. A wide upper
passband of this type of bandstop filter is attainable because the cancellation of the first
spurious resonance occurs when two transmission poles coincide with the first spurious
mode (transmission zero) by properly choosing the impedance ratio K of the SIR and
the gap between the SIR and the main transmission line. The effects of the stepped
impedance resonator and the coupling between the SIR and the main transmission line
have been analysed theoretically. According to this analysis, the design procedure of
this type of bandstop filter has been developed. To verify the theory, a proposed
stripline filter has been demonstrated experimentally with achieving an upper passband
width of up to six times the fundamental stopband centre frequency at 1.0 GHz with 3dB fractional bandwidth of 60%. And, a microstrip bandstop filter of this type has also
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been designed, centring at frequency of 1 GHz with 3dB fractional bandwidth of 26%,
and it shows no spurious responses up to 4.92 GHz.

Tunable microstrip bandstop filter of this type has also been investigated [100]. It
has been found that the location of loading capacitance plays an important role in
maintaining the cancellation of the third spurious resonance while tuning the center
frequency of the desired rejection band. This has been verified by an experimental
tunable BSF using the PST varactors.

7.2

Future works

Although most of the proposed works have been investigated intensively, there
are several issues that have not been explored in this thesis due to the limit of study
period. Hence, there is no doubt that further studies and efforts are needed to solve out
the issues in the proposed works. They are listed below:

1.

Nonresonating node effects in the proposed four-pole dual-mode tunable
filter design in Chapter 4 need to be eliminated. Multilayer structures or an
alternative input/output transformer network are suggested for the solution.

2.

Theoretical investigation of the miniature doublet filters and the dual-band
filters introduced in Chapter 5 is a potential research area.

3.

As most of tunable filters are of narrow-band bandwidth tunable filters
currently reported, developing theories for wide-band bandwidth tunable
filters is another potential research area.

153

APPENDIX
Circuit Modeling of the Proposed Two-Pole Dual-Mode Filter

The electrical circuit modeling of the proposed two-pole dual-mode filter may be
obtained using even and odd-mode analysis method [1]. By placing a short circuit or
open circuit at the symmetric plane of the circuit in Figure 3-1, we obtain the circuit
model for the odd-mode or even-mode, respectively, as shown in the Figure below
(same as Figure 3-17). As can be seen, there is a folded asymmetric coupled line section
in both circuit models. To characterize the coupled lines, let Z c1 , Z π 1 , Z c 2 , Z π 2 denote
the c and π modes characteristic impedance of the coupled lines; θ1 is the electrical
length of the coupled lines.

w11

w11

w12

Z c1 Z c 2

Z c1 Z c 2

Zπ 1 Zπ 2

Z π 1 Zπ 2

θ1

l1

θ1

w12

l4 / 2
Z 4 θ4
w4

l1
w3 / 2

θ3

w2

Z ino

Cs

s

Z3

l3

w2

Z 2 θ2
l2 / 2

Z ine C

s
s

Z 2 θ2
l2 / 2

(b)

(a)

Figure 3-17. Circuit model of (a) odd-mode and (b) even-mode.

The two-port scattering parameters ( S11 and S 21 ) of the filter may be found by

S11 =

S11e + S11o
2

(1)

S 21 =

S11e − S11o
2

(2)
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where S11e and S11o denote the input reflection coefficient of even mode and odd mode,
which can be given by

S11e / o =

Z ine / o − Z 0
Z ine / o + Z 0

(3)

where Z ine and Z ino are the input impedances of the two one-port networks for evenand odd-mode respectively, as indicated in the Figure above and Z 0 is terminal
impedance (50 Ω). By inspecting these two circuit models, the input impedances of
even- and odd-mode may be expressed as

1
jωC s
1
+
jω C s

1
Z ine
/o ⋅

Z ine / o =

1
Z ine
/o

(4-1)

1
where C s is a shunt capacitor at port 1, which is used for a matching purpose. Z ine
/o

denotes the input impedance of the coupled lines at port 1 without C s .

Since the asymmetric coupled lines can be treated as a four-port network, we may use a
set of Z-parameters, i.e. z11 , z12 , z13 , z14 and so on, to represent it [75]. The port 2 of the
coupled lines is short circuited, the port 3 is terminated with a transmission line element,
and the port 4 is connected with the varactor of capacitance C . By applying 4-port to 1port transformation of the asymmetric coupled lines, we obtain

1
Z ine
/o =

Z11e / o ⋅ Z 22e / o − Z12e / o ⋅ Z 21e / o
Z 22e / o ⋅ Z ne / o ⋅ Z L 4

(4-2)

In the equation
Z11e / o = z11 ⋅ z 44 ⋅ Z ne / o − z14 ⋅ z 41 ⋅ Z ne / o − Z11k
Z12e / o = z12 ⋅ z 44 ⋅ Z ne / o − z14 ⋅ z 42 ⋅ Z ne / o − Z12 k
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(5)

(6)

Z 21e / o = z 21 ⋅ z 44 ⋅ Z ne / o − z 24 ⋅ z 41 ⋅ Z ne / o − Z 21k

(7)

Z 22e / o = z 22 ⋅ z 44 ⋅ Z ne / o − z 24 ⋅ z 42 ⋅ Z ne / o − Z 22 k

(8)

Z11k = ( z13 ⋅ z 44 − z14 ⋅ z 43 )( z 31 ⋅ z 44 − z 34 ⋅ z 41 )

(9)

Z12 k = ( z13 ⋅ z 44 − z14 ⋅ z 43 )( z 32 ⋅ z 44 − z 34 ⋅ z 42 )

(10)

Z 21k = ( z 23 ⋅ z 44 − z 24 ⋅ z 43 )( z 31 ⋅ z 44 − z 34 ⋅ z 41 )

(11)

Z 22k = ( z 23 ⋅ z 44 − z 24 ⋅ z 43 )( z32 ⋅ z 44 − z 34 ⋅ z 42 )

(12)

Z L 4 = z 44 +

1
jωC

(13)

Z ne / o = z 33e / o ⋅ z 44 − z 34 ⋅ z 43

(14)

z 33o = z 33 + jZ 2 tan θ 2

(15)

Z Le + jZ 3 tan θ 3
+ jZ 2 tan θ 2
Z 3 + jZ Le tan θ 3
= z 33 + Z 2
Z + jZ 3 tan θ 3
Z 2 + jZ 3 Le
tan θ 2
Z 3 + jZ Le tan θ 3
Z3

z 33e

1
jω (C / 2)
=
1
− jZ 4 cot θ 4 +
jω (C / 2)
− jZ 4 cot θ 4

Z Le

(16)

(17)

where z mn denote the Z-parameters of asymmetric coupled lines [75] (m, n=1 to 4); C
is the loading capacitance; C s is the matching capacitance of transformer; Z 2 , Z 3 , Z 4 ,

θ 2 , θ 3 and θ 4 are the characteristic impedances and electrical lengths for the
transmission line sections shown in the Figure above.
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Deriving the design parameters:

The resonant frequencies of the even-mode ( f 0e ) and odd-mode ( f 0o ) may be
determined from (4-5).
Im[Z ine ] = 0

(18)

Im[ Z ino ] = 0

(19)

The external quality factor for even mode ( Qexe ) and odd mode ( Qexo ) may be
determined from (20-21).

Qexe =

xe
Z0

（20）

Qexo =

xo
Z0

（21）

where xe , xo are the slope parameters of the even-and odd-mode, respectively, which
are given by

xe =

xo =

f oe ∂ (Im[ Z ine ( f 0e )])
⋅
2
∂f

f oo ∂ (Im[Z ino ( f 0o )])
⋅
2
∂f

157

(22)
f=f

e
0

(23)
f=f

o
0
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